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Abstract

The LLC resonant converter is particularly applicable for power supplies applications
since soft switching is easily achieved. The dual objectives in power supply are higher
switching frequencies and higher power densities. The analysis and design of the LLC
resonant converter, especially the magnetic components needs further investigation

and the related research has enormous practical significance.

In this thesis, the design methodology for the LLC resonant converter is proposed
based on the circuit analysis and the loss calculations with soft switching conditions
and input voltage variations considered. The gapped transformer employed in the
resonant converter is deeply investigated. The transformer was treated as the multi-
winding inductor and a new design methodology is proposed. The parasitic parameters
in the transformer involving high frequency leakage inductance and stray capacitance

are studied, and reliable evaluation formulas are presented.

With the purpose of introducing the planar transformer in the LLC resonant converter,
the detailed modelling of planar transformer including the winding loss calculation,
the stray capacitance and the leakage inductance for the integrated planar structure
incorporating the low permeability magnetic shunt is carried out. Combing the
analytical results of the gapped transformer design method and modelling of the planar
transformer, the gapped planar transformer for the LLC resonant converter is designed
and fabricated. Comparison with the conventional transformer shows that successful

operation is possible with the low profile core.
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Nomenclature

The following is a list of symbols used in this thesis.

a

ar
AL A
A

AL
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Turns ratio of the transformer

Reluctance ratio, defined in Equation 5.41
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Cross-sectional area of magnetic core (m?)
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Resonant capacitance (F)

Distance from the winding to the gap (m)

Eddy current factor for foil windings

Skin effect factor for round conductor

Frequency in hertz (Hz)

Normalized switching frequency defined in Equation (2.3)
Resonant frequency of L, and C; defined in Equation (2.1) (Hz)
Resonant frequency of L, + L, and C; defined in Equation (2.1) (Hz)
Switching frequency of semiconductor devices (Hz)

Air gap length (m)
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CHAPTER 1. INTRODUCTION

1

| ntroduction

Power Electronics is the technology associated with the efficient conversion, control
and conditioning of electric power by static means from its available input into the
desire electrical output [1]. The main target of power electronics is to control the
energy from a power source to an electrical load with high efficiency of power transfer,
high reliability of system operation, small size and light weight of the circuit system.
With the rapid development of power semiconductor devices since 1970’s and 1980’s,
when the power metal-oxide-semiconductor field-effect transistor (MOSFET), the
gate turn-off thyristor (GTO) and the insulated gate bipolar (IGBT) were introduced
[2], the power level and the operation frequency of power electronics circuit has been
greatly promoted. Nowadays, power electronics system can be found in almost every
electronics product and is continuously expanding its applications through new
developing and innovative industries, for example renewable energy, electrical

vehicles, lighting and wireless power transfer.

Among all power electronics applications, the DC-DC converter is one group of
electronic circuits in which DC input voltage is converted to a DC output voltage
having a larger or smaller magnitude, possibly with opposite polarity or with isolation
between input and output ground references [3]. They are normally employed in
distributed power systems for computers and servers in telecommunication systems,
adapters for laptops and chargers for consumer electronics [4]-[6]. For the typical

power supply connected with the AC grid, DC-DC converter is generally applied as

1



CHAPTER 1. INTRODUCTION

AC AC/DC Vin DC/DC v, Load
utility @

Fig. 1.1  Typical configuration of the power supply including DC-DC converter

the second conversion stage following an AC-DC power rectifier which can generate
the DC voltage from the public utility with high power factor and high efficiency. The

configuration of one power supply is shown in Fig. 1.1 [7].

In the DC-DC stage of the power supply, higher switching frequency is always the
persistent pursuit because of the smaller volume of passive components, i.e. inductors,
transformers and capacitors, can be realized. Higher power density, on account of
smaller components, means lower cost of the converter and allows more units to be
accommodated in the infrastructure where the space is limited. However, the
switching loss of semiconductor devices is directly related to the switching frequency
and the permissible temperature rise of switching components will limit the operation
frequency. In an effort to reduce the switching loss, soft-switching technology was
introduced and a number of main topologies have been proposed to approach higher
operation frequency. The associated topologies of DC-DC converters with the output

power range from 100 W to 2 kW will be summarised in Section 1.1.

On the other hand, miniaturization of the magnetic components operating at high
frequency will create other challenges. For wire wound inductors or transformers, the
winding loss caused by the skin effect, the proximity effect and the fringing effect due
to the air gap will increase significantly. In consequence, the design methodology for
magnetic components should be further investigated with high frequency effects.
Meanwhile, the parasitic parameters, such as the leakage inductance and the stray
capacitance for the transformer, will play more significant roles in the circuit operation
under higher switching frequency operation. All these design issues will be introduced

and reviewed in Section 1.2.
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TABLE 1.1 SPECIFICATIONS OF THE INVESTIGATED DC-DC CONVERTERS
Parameters Symbols Values
Input voltage Vin 300 V to 400 V
Output voltage Vo 5Vto50V
Output power P, 100 W to 2 kW

3

Maximum ambient temperature 50°C

Another trend of magnetic components leads to lower profile and integration within
the circuit board. Thus, the planar magnetics consisting of printed circuit board (PCB)
or flat copper foil is extensively used in modern DC-DC power converters because of
the advantages achieved in terms of low profile, excellent thermal characteristic and
extremely good repeatability [8]. The manufacturing technologies and associated
design considerations for planar magnetics applied in DC-DC converters will be

introduced and discussed in Section 1.3.

1.1 High Frequency DC-DC Converters

The DC-DC converter stage as part of the power supply unit shown in Fig. 1.1, adapts
the bus voltage from Vi, =300 V~400V to V, =5V ~50V . For regular power
supplies, the output power range is generally from 100 W to 2 kW. The ambient
temperature of the power supply under normal operation does not exceed 50 °C. The
following investigation of DC-DC converters are principally based on the
specifications given in Table 1.1. Furthermore, the electrical isolation between the
input and output is commonly required for safety considerations which means the

transformer is implemented in the converter.

The topologies involved in soft-switching isolated DC-DC converters following the
specifications shown in Table 1.1 need further elaborations. The soft-switching DC-
DC converters can be divided into pulse-width-modulated (PWM) converters and
resonant converters. Depending on the number of main switches in the topology,

PWM converters have three categories, single switch converters, half bridge
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Fig. 1.2 Configurations of half bridge and full bridge PWM converters

converters and full bridge converters. For the half bridge or full bridge converters, a
full-wave rectifier will be connected to the secondary windings of the transformer as
shown in Fig. 1.2. In [6], different configurations of full-wave rectifiers have been
investigated. Table 1.2 lists the advantages and disadvantages of each topology. The
diodes in rectifiers can be replaced by controllable active switching devices, such as

the synchronous rectifier or the bidirectional power converter.

For resonant converters, half bridge or full bridge could be realised in the main
topology. However, the significant feature to distinguish two resonant converters is
the resonant tank, which is a dual-port circuit network between the output of the

switching bridge and the isolation transformer. According to the components in the
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TABLE 1.2 BASIC FULL-WAVE RECTIFIER TOPOLOGIES AND COMPARISONS [6]
Full-wave rectifier topologies Advantages Disadvantages
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Fig. 1.3 Topologies of half bridge resonant converters with centre-tapped rectifier: (a) series
resonant converter (SRC), (b) parallel resonant converter (PRC), (c) LCC resonant

converter, (d) LLC resonant converter

resonant tank, there will be four basic resonant converters, series resonant converters
(SRC), parallel resonant converters (PRC), LCC resonant converters and LLC
resonant converters shown in Fig. 1.3. The characteristics of each topology and the

previous research related to the circuit will be described next.

PWM Single Switch Converters  The basic isolated DC-DC converters with one
switch including flyback and forward converters, are widely used in low power
applications below 100 W [6]. Auxiliary circuit is complemented with the single
switch converter to achieve soft switching operation [9]-[11]. Therefore, the circuit is
getting complex. Worst of all, the voltage stress of switches is typically twice the input
voltage and high performance commercial MOSFETSs with voltage capability of 600

V are not available.

PWM Half Bridge Converters With two switches in one bridge, shown in Fig.
1.2(a), the control signal will be symmetrical if the turn-on time for the upper switch

equals the conduction time of the bottom one. As the symmetric control strategy is
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assigned, the soft switching can only be realized if the active switches or auxiliary
circuits are added. The bidirectional control for the half bridge converter with the
mirrored bridge connected with the secondary side of the transformer is employed in
[12]. The three-level three-phase half bridge converter was proposed in [13]. In this
case, the voltage drop on each switch is reduced, however the scale of the circuit and

the control system is significantly increased.

The other more interesting control method for high bridge converters is asymmetrical.
With the help of the leakage inductance in the transformer, soft switching is feasible.
The asymmetric half bridge converters with passive components, for instance,

inductor, capacitor or coupled inductors have been reported in [14]-[18].

The auxiliary circuit and active components were introduced in [19] and [20] to meet
the hold-up time requirement when the converter is disconnected from the public
utility and to improve the efficiency, respectively. Approaching power levels up to 1
kW, interleaved-, three-level- and two series- asymmetric half bridge converters were

developed in [21]-[23].

PWM Full Bridge Converters Each switch in the full bridge converter, shown
in Fig. 1.2(b), will be turned on for half of the total switching period and driving
signals for two bridges have a certain phase-shift to guarantee the soft switching. This
kind of phase-shift controlled full bridge converters is popular in power supplies [24]-
[28]. The leakage inductance of the transformer can be implemented to achieve the
zero voltage switching (ZVS) of switches in bridge circuit. The improved topologies
based on the PWM full bridge converter were also investigated in former publications,
such as the series structure [29], [30], the multilevel topology [31] and bidirectional

power flowing converters [32], [33].

The main drawback of this topology is that the soft switching is difficult to realize in
light load operation. For soft switching, the energy stored in the series inductor should
be bigger than the charging energy to the capacitors which are paralleled with the
switches. The range of soft switching, which depends on the load condition, can be

adjusted by the inductance. However, larger inductance will result in larger energy



CHAPTER 1. INTRODUCTION

circulating through the switching bridge and the primary winding of the transformer.
This means the conduction loss will increase. One method to overcome this
disadvantage is connecting a saturated inductor in series with the transformer as
proposed in [34], [35]. The other commonly applied approaches include more
advanced control strategies [36]-[40] and extra active commutation auxiliary circuits

[41], [42].

Series Resonant Converters (SRC) In the resonant converter, the impedance of the

resonant tank, as shown in Fig. 1.3, can be changed with the varied switching

frequency, fs. Consequently, the DC output voltage is maintained the same value for
different load conditions by varying f;. Among all resonant converters, the most

significant advantage is that the current through the resonant tank is almost purely
sinusoidal which will allow the inductor and transformer to perform at higher
efficiency without higher-order harmonics. But the output voltage of the SRC will be
out of control in cases of light load and no load conditions because the output voltage
gain will be constant if the impedance of the resonant tank is much higher than the
load resistance [43]. This topology was utilized to generate 48 V from around 400 V
of 700 W in [44] and 2.9 kW in [45]. An improved structure with the series primary
windings and secondary windings in parallel with two transformers was proposed in

[46]. A SRC of 35 W with a switching frequency of 2.63 MHz was carried out in [47].

Parallel Resonant Converters (PRC) In the PRC, the capacitor is in parallel
with the primary winding of the transformer. Compared to the SRC, the PRC operates
without light load or no load regulation issues and it can even work with a short circuit
load. However, the considerable limitation is the circulating energy in the resonant
tank since the current is almost independent at the load and the efficiency at light load
condition is very low. The PRC was reported in applications of power suppliers in
[48], [49]. The three-level PRC was implemented with the power level as high as 30
kW in [50], [51].

L CC Resonant Converters LCC resonant converter (in some cases, called series-
parallel resonant converter) has a series inductor, a series capacitor and a parallel

capacitor connected with the transformer winding (can be in either primary side or

8
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secondary side) to consist its resonant tank as shown in Fig. 1.3. Actually LCC
resonant converter combines the SRC and the PRC, so it overcomes the main
disadvantages of the SRC and the PRC, such as the light load or no load regulation

issues.

In research papers, LCC resonant converters have been designed to achieve 48 V or
50 V output voltage ([52] with output power 1 kW, [53] with output power 3 kW, [54]
with output power 2.3 kW). However, the LCC resonant converter is particularly
suitable for high voltage and high power level applications ([55] with output power
100 kW, [56] with output 20 kW and voltage 20 kV, [57] with output voltage 3.8 kV,
[58] and [59] with output voltage 10 kV).

LL C Resonant Converters This topology was first proposed by Bat in 1990 [60].
Because of the similarity to the SRC, it was neglected for years. The difference
between the LLC resonant converter and the SRC is the inductor in parallel with the
primary winding of the transformer which is normally integrated with the transformer
by the non-ideal magnetizing inductor. Since Yang revealed its superior characteristics
in 2002 [61], LLC resonant converters have been further studied and several modified
topologies as well as modelling, control and performance improvement methodologies
were investigated. In this topology, low switching loss and low circulating energy in
the resonant tank can be easily achieved. It is possible to regulate the output voltage
over a wide range of the input voltage and load variations with a relatively small
variation of the switching frequency. The significant advantage is that the stray
capacitances of the switching devices, the leakage inductance and the magnetizing
inductance of the transformer are suitable for the soft switching. Nowadays, the LLC
resonant converter is treated as one of the most popular topologies in commonly
applied power supplies. It is difficult to find an easy method to model and control the
LLC resonant converter since the switching frequency varies to maintain the output
voltage under different circuit conditions, i.e., different input voltages and different
loads. A large number of research publications devoted themselves to the application
and improvement of the LLC resonant converter in recent years. The output voltages
of 12V, 24 V and 48 V converted from the input voltage of around 400 V based on
the regular LLC resonant converter were reported in [61]-[78] and the highest

9
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Fig. 1.4 Summary of soft switching DC-DC converters (input voltage: around 300 V ~ 400 V;
output voltage: 5 V ~ 50 V; output power: 100 W ~ 2 kW)

operation frequency has approached 1 MHz. The modified LLC resonant converters
were proposed for power supply applications including the three-level topology [79],
[80], the capacitor-diode clamped converter [81], the bidirectional [82] and interleaved

structures [83].

According to the specifications listed in Table 1.1, key soft switching DC-DC
converters for power supply applications with different topologies are summarised in
Fig. 1.4 based on the output power and the switching frequency. It is shown that the
PWM full bridge converter and the LLC resonant converter are the two mostly applied
topologies for power supply applications within a wide range of output power levels
and switching frequencies. Besides, the switching frequencies of LLC resonant
converters in the research papers are higher than the other topologies and it is

definitely the most popular circuit for power supplies in recent years.

10
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Previous papers discussed the modelling, design methodology, control strategy and
light-load efficiency improvement for LLC resonant converters, however the research
on the transformer, which is supposed to occupy large volume of the whole circuit, is
not available to date. It is meaningful to investigate the design issues of the transformer
in the LLC resonant converter operated at high frequency, in which the magnetizing
inductor is integrated. The related topics of the transformer applied in high frequency

DC-DC converters will be introduced in the following section.

1.2 Design Issuesfor Transformersin High Frequency
DC-DC Converters

High efficiency is the aim of power electronics circuits, so the power loss of the
transformer needs to be low. The losses of one transformer consists of the loss in
windings (represented as Py, ) and the loss in the magnetic core (represented as P ) if
a magnetic core is employed to construct the component. With increasing switching
frequency, the currents through the windings of the transformers in DC-DC converters
will cause extra winding loss compared to the low frequency case. The AC resistance
R, 1s commonly introduced to evaluate the high frequency effect on the winding loss.
The DC resistance R4 correspondingly represents the winding resistance at low
operation frequency. In summary, the main consequences of high frequencies include
the skin effect and proximity effect in the windings and increased eddy current and

hysteresis losses in the core [84].

1.2.1. High Frequency Winding L 0ss

With AC current flowing in an isolated conductor, an alternating magnetic field will
be induced to cancel the field generated by the original current and eddy currents. The
result is that the current density near the surface of the conductor will be higher than
in the centre, and this phenomenon is called skin effect. The equivalent conduction
area for the current flowing gets smaller and the loss increases. Fig. 1.5 shows the
eddy currents in one isolated round conductor and the current density in the conductor
based on Finite Element Analysis (FEA) simulations. The distance from the outer

radius of the conductor to the position where the electromagnetic wave traveling in a

11
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lossy conductor is reduced to 1/e of the original value is named as the skin depth (e is

the base of the natural logarithm),

1

_ 1.1
NE Ty .

where f1o is the magnetic permeability of free space with the value of 4nx10”7 H/m

b0 =

for a conductor with conductivity o and operating at frequency f .

Several winding turns will appear in the inductor or transformer and the current in one
conductor is influenced by the magnetic field generated by the current in the other
conductor. The current densities of two adjacent round conductors and two long
copper foils which are carrying currents with the same magnitude and same/opposite
directions are shown in Fig. 1.6. The results show that the current density distribution
in the conductors is altered and the winding loss will vary compared to DC operation

condition. This phenomenon is called the proximity effect.

The skin effect and proximity effect are collectively known as the eddy current effect
of winding loss because there are eddy currents due to both skin effect and proximity
effect at high frequency. Lots of efforts have been carried out for quantitative
calculations and a related review can be found in [85]. The particular investigation for

the eddy current loss calculation of one transformer with foil windings or equivalent

12
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Fig. 1.6  Proximity effect of adjacent round conductors and long copper foils (a) two round
conductors carrying currents in same direction; (b) two round conductors carrying currents
in opposite directions; (c) two copper foils carrying currents in same direction; (d) two

copper foils carrying currents in opposite directions

foil conductors for round wires in the same layer was presented by Dowell in [86].
The work is a 1-D solutions of the equation incorporating proper assumptions. Based
on Dowell’s equation, the loss in multilayers solenoid windings was solved in [87]. In
[88] and [89], loss under the condition of non-sinusoidal excitation currents was
considered. These previous Dowell-based work was synthetically applied in [90]. For
arbitrary current waveforms, Hurley proposed the method to optimize the conductor
thickness without the need of Fourier coefficients calculations in [91]. Basically, the
Dowell’s result can be illustrated with the winding structure of the transformer shown

in Fig. 1.7. The eddy current factor for windings with p layers is calculated by

Rac sinh2A+sin2A  2(P°=1) sinh A—sinA
Fri = =A + , (1.2)
Ry cosh2A—cos2A 3 coshA+cosA
with
t
A=—, 1.3
5 (1.3)

where ¢ is the thickness of the layer.

13
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Fig. 1.7 Foil windings in the transformer and eddy current based on 1-D Dowell’s equation

Another calculation method for round conductors based on Bessel-functions was given
in [92]. In [93], Ferreira found the orthogonality between the skin effect and the
proximity effect. Some other Bessel-function-based calculations include [94] and [95].
The expression of the skin effect factor for an isolated round conductor with the radius

7 was given as

Ra. _ € berébei’{ —beifber’{

Fro = : 1.4
T Ree 2 ber’t+bei’t (14)
with
Jor
=" (1.5)

However, [96] declared that both the Dowell’s equation and Ferreira’s method based
on Bessel-function will generate huge error for non-isolated conductors with finite
length. Some calculation methods incorporating 2-D considerations have been carried
out in an effort to improve accuracy. FEA tools are commonly used in the inductor or
transformer windings design and the calculation of high frequency winding loss based
on FEA, also called “semi-empirical” method, were proposed in [97], [98] and [99].
In [100], the static field simulations in conjunction with semi-empirical expressions
were applied to obtain the winding loss under arbitrary current excitation conditions
and the resistance matrix was used. These 2-D methods are mainly obtained based on

case studies, hence the generality of the results is not very strong. In [101], Sullivan
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proposed the squared-field-derivation method for calculating the eddy current losses
in round wire or litz wire transformer and inductor windings. Another calculation
methodology employed the complex permeability model and transferred the eddy
current loss into the hysteresis loss of equivalent material [102], [103]. This method

was extended to attain the winding loss for litz wire in [104], [105].

Litz wire and interleaving windings are two common solutions. Litz wire is a group of
stranded wires with each strand insulated. The optimum design and the cost analysis
for litz wire can be found in [106]-[108]. Considering the cost and the implementation
complexity of the transformer, the interleaving method in the transformer with round
wire or copper foils windings is generally used to eliminate the eddy current effect.
The difference between the interleaved and conventional winding arrangements was
introduced in [109]. In [110], the interleaving transformer for high voltage
applications and the insulation method were described. The equivalent circuit model
for the transformer with windings interleaved and the mathematical analysis were
presented in [111]. In order to reduce the eddy current loss and the leakage inductance,

the new method for partially interleaving the windings was introduced in [112].

Another main factor that will increase the winding loss at high frequency is the air gap
in the magnetic core of the inductor or the transformer in which the magnetizing
inductance is relatively small, for example, the transformer in the LLC resonant
converter. As shown in Fig. 1.8, for an inductor simulation model in 2-D in the X-Y
coordinate system, the fringing field will exist around the air gap and it results in extra
winding loss due to the induced current in the winding. This effect is extremely
significant for the inductor with a relative large air gap and the inductance of the

structure will vary depending on the fringing field.

The fringing effect to the quantity of inductance was comprehensively investigated
and a good review for evaluation methods based on different gap implementations was
summarised in [113]. One of the approaches to obtain the precise inductance with air
gap is the method of the conformal Schwarz-Christoffel transformation. The related
solutions were introduced in [114]. Basically, these methods will lead to very complex

calculations. An alternative approach to solve the issue is to treat the air gap by
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Fig. 1.8  Fringing field and winding loss in conductors near the air gap: (a) magnetic flux around the

air gap; (b) ohm loss distribution in the windings

increasing the actual cross-sectional area (A.) [115]. In [116] and also mentioned in
[84], the reluctance of an air gap with length ¢, width ¢, and depth g4 can be

calculated as

R, = g . 1.6
* po(gw +9)(ga+9) (1

In [113], the reluctances for different air gap implementations with 2-D consideration

were proposed as shown in Fig. 1.9 and the reluctance of the air gap was given by

R = 1 (1.7)

b b\ |’
140 g—wb+g 1+1n7rhb
2g° 0w 4q

where the parameters are illustrated in Fig. 1.9. Finally, the actual 3-D air gap is treated

by combining 2-D results for different coordinate planes. In [113], the reluctance

model for the air gap with round cross-sectional area was also presented.

The fringing effect to the winding loss will be remarkable with a large air gap placed
in the magnetic core or the windings lose. A simple and accurate closed formula to

calculate the winding loss due to the fringing effect is not available.
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Fig. 1.9 Different types of air gaps and reluctance models

The equivalent current pole or current sheet was effectively utilized to replace the
physical air gap [113], [117], and [118]. Based on this equivalent method, the
mirroring/images analysis can be applied to gain the winding loss [119]. In [113], the
small air gap was replaced by one current pole and the whole winding is mirrored.
However, the current sheet would be better applied to replace the relatively large air
gap and the associated calculation methodologies for winding losses with round wires
and foils were presented in [118]. In [120], the current sheet with improved cambered
shape was applied and the images method was used to evaluate the winding loss.
Another calculation method was studied by Roshen [121]-[123]. Firstly, the 2-D field
formulas around the air gap were obtained and then the winding loss was calculated
supposing that the self-field of currents through windings will not affect the fringing
field. In [124], the fringing effect was solved based on the equivalent permeability
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analysis method. Furthermore, FEA simulations were also reported to investigate the
fringing effect [125] and the data fit method was presented in [126]. Generally, a
simple formula is difficult to obtain. In [113], the approximate formula of AC
resistance per unit length of foil windings with single air gap was given. However, the
formula can only be used if the tips of the foil windings are very close to the magnetic
core and the air gap is relatively small compared to the distance from the innermost

foil to the air gap and also the foil thickness is much smaller than the skin depth.

Some implementations were designed to reduce the fringing effect. The winding was
placed away from the air gap [127] or shaped in order to make sure that there is no
conductor around the air gap [128]-[130]. The mounting strap could be placed around
the air gap to decrease the winding loss [125], [131]. The other frequently applied
method to reduce fringing loss is using the distributed gap in the core or a uniformly

lower permeability core to replace the discrete large air gap [126], [132], [133].

1.2.2. Magnetic CoreLoss

Another main power loss of the magnetic component comes from the magnetic core.
In general, the evaluation of the core loss can be done through three main methods,
the hysteresis model, loss separation approach and empirical models [8]. The
hysteresis model was introduced in [134]-[136] and the core loss separation approach
divides the total core loss into three parts, which are static hysteresis loss, eddy current
loss and excess eddy current loss [137]. In empirical models, the core loss is fitted

based on abundant measurement results which might be provided by the manufacturer.

The most popular used method to calculate the core loss is the Steinmetz equation
[138], in which three constants ( K., «, 3) for each core material could be found by

the data obtained from measurements. The expression of the Steinmetz equation is

given by
Pfe = chaBrf?lax: (18)
where Pr. is the time-average core loss per unit volume, Bmax is the peak value of

the flux density with sinusoidal excitation at the frequency f .
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However, [139] found that the core loss with non-sinusoidal excitations can result in
a far larger value compared to the Steinmetz equation. For the purpose of adapting the
Steinmetz equation with a wide variety of excitations, lots of efforts have been carried
out to improve the method including modified Steinmetz expression [140],
generalized Steinmetz expression (GSE) [141], improved GSE (iGSE) [142],
improved iGSE (i’GSE) [143], natural Steinmetz expression [144], equivalent

elliptical loop [145] and waveform coefficient Steinmetz expression [146].

1.2.3. Leakagelnductance and Stray Capacitance

In magnetic components, such as the transformer, the flux generated by one winding
will not completely couple all the other windings and some of these fluxes will leak
through the conductors or the air space. The leakage inductance is introduced to
represent the imperfect coupling between windings. On one hand, the leakage
inductance of the transformer can be used to limit the current changing slope through
the switching device, plays the role of the inductive component in the circuit to
guarantee the soft switching in the full bridge phase shift converter, and acts as the
resonant inductance in resonant converters. On the other hand, the energy stored in the
leakage inductance would cause the voltage spikes on the main switches which may
damage the components, and it could also affect the unpredictable operation of the
circuit because the value of leakage inductance is normally difficult to estimate
accurately. It is extremely significant to obtain an accurate value of the leakage

inductance at high frequency.

The leakage inductance of the transformer can be derived from the stored energy inside
the window area of the magnetic core with excitations of the primary winding and the
secondary winding cancelling each other. The magneto-motive force (MMF) and the
magnetic intensity are normally associated to get the leakage energy [147]. In practice,

a more accurate method will be with the help of FEA simulations.

In the case of higher operating frequency, the current distribution in the windings will
change and the corresponding stored leakage energy will vary. In [148], the detailed
calculation methodology for the leakage inductance in the transformer with a toroidal

core was presented. As proposed in Dowell’s paper [86], the decreased leakage
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inductance due to high frequencies for 1-D calculation for the structure shown in Fig.

1.7 can be estimated by

Lixae _ 3 | sinh2A—-sin2A +2(p2—1) sinhA+sinA
Likae 2p*A| cosh2A—cos2A 3  coshA+cosA |

(1.9)

Furthermore, the capacitance in transformer or inductor windings is of interest in the
switching converters because the capacitance may provide a short path to a step change
in voltage which can frequently appear. Meanwhile, the stray capacitance could
resonate with the inductance and it will give rise to the unexpected resonant operation

stage in the circuit.

A review of calculating the stray capacitance in transformer windings has been done
in [149]. The stray capacitance calculations are basically based on the static layer-to-
layer capacitance and different models can be used to get the stray capacitance for
different windings arrangements including the parallel-plate capacitor model, the
cylindrical capacitor model and several analytic capacitance models for orthogonal
windings and orthocyclic windings [150]-[152]. For some special winding structures,

i.e., the planar windings, the analysis of the stray capacitance was presented in [153].

1.3 Planar Magnetics and Design Considerations

The high frequency DC-DC converter incorporating planar magnetics is the trend for
higher power density and convenient manufacturing. However, new design issues
including calculation of the winding loss and leakage inductance will appear in planar
magnetics. The current distribution in the planar winding is different from the
traditional winding because the width of the planar winding is generally much larger
than the thickness of the conductor. In particular, the planar magnetics applied in the
LLC resonant converter has an air gap in the magnetic core and the design must take

this into account.

1.3.1. Introduction of Planar Magnetic Technologies

Basically, there are five main advantages for employing planar magnetics including:
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Low profile The height of the planar component is lower than the wire-wound

component due to the fabrication process [8].

Automatic fabrication The manufacturing process of the planar magnetics is
simplified as the complex wire wrapping and bobbin mounting are avoided. Typically,
the planar winding fabricated by PCB technology can be merged into the main circuit

manufacturing process.

Better thermal characteristic The surface area of the planar core is much
bigger and it can be easier to transfer the heating generated by the winding loss and
core loss. In addition, other heat-dissipating methods including the sink and forced

cooling are easily realized for planar cores.

Predictable parasitic parameters In wire-wound components, the windings are
varying in their shapes and routings. The parasitic parameters including the leakage
inductance and stray capacitance are extremely difficult to predict, and on the contrary,
the precise and consistent planar windings bring in the possibility to obtain relatively
accurate calculations. This advantage is especially important for high frequency

applications.

Easy interleaving  Interleaving windings can be implemented if the multi-layer

PCB is incorporated.

The main disadvantages of planar magnetics are the relatively larger footprint
compared to the conventional magnetics and the number of turns in the planar

magnetics will be limited by the cost of the fabrications.

The fabrication technologies may be generally classified as PCB, copper foil, thick
film, low temperature co-fired ceramic (LTCC) and thin film [84]. PCB and copper
foil are normally applied in relatively high power applications [154]-[157]. The other
three technologies are generally used to manufacture miniature components which
may applied in low power and extremely high frequency applications, i.e., power

supply on chip (PwrSoC).
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The printed circuit board (PCB) is frequently employed to incorporate the planar
windings including the multi-layer PCB, the flexible PCB and the hybrid of PCB and
copper foils. Integrated PCB magnetics can also be applied and achieved by
integrating the core and windings so that the magnetic core is formed during the PCB
process. The disadvantage of the PCB is that the window utilization factor is quite low

due to thick insulation material.

In the interest of improving current handling performance, copper foil is normally
introduced for planar windings. After the proper pattern is cut by laser technology, the
kapton tape should be attached to both sides of the foil to make sure the windings are

well isolated. External connections will be needed to achieve layers interconnections.

Thick film can integrate passive RLC components and printed conductor through-
holes in alumina substrates have been developed. This allows double-sides solenoidal-
type inductors to be manufactured, with the substrate acting as the interlayer dielectric
[84], [158]. A screen printing process is employed to fabricate thick film circuits. In
the process of LTCC technology, all layers of the circuit including the conductors and
isolations are treated separately, then they are fired together at the proper temperature.
Nowadays, the trend towards PwrSoC prompts the applications of thin film technology
[159]. The typical applicable power range is lower than 1 W and the frequency is
higher than 10 MHz.

For planar magnetics in power supply applications, the best choices of fabrication
technologies are PCB and copper foils when the cost and the current handling capacity

are considered.

1.3.2. Planar Magnetics Design Consider ations

During the design of planar magnetics, the same approaches as the wire-wound
components described in Section 1.2 should be fully considered. Besides, there will

be other particular design issues in planar magnetics [160], [161].

Planar Core and Windings On the survey of commercial planar cores manufactured,

typical planar cores include planar EE or EI cores, planar ER cores and other low
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(a) (b)

Fig. 1.10 Typical patterns of planar windings (a) PCB windings; (b) copper foils

profile versions of standard core such as RM, PQ and pot cores. The widely used EE
and ER planar cores made by Ferroxcube [162] and TDK EPCOS [163] are listed in
Appendix A. In particular, the high performance planar core can be achieved by
custom cores [164]. The centre leg of the cores are mostly rectangular and circular.
The shape of the centre leg will affect the arrangement of planar windings. It must be
pointed out that the planar component may have no magnetic core and only planar
windings are involved for some specific applications with extremely high operation

frequency.

With the different types of cores, planar windings may have different pattern made by
PCB tracks or copper foils, as shown in Fig. 1.10. Basically, in PCB windings it is
easy to implement more turns than copper foil, and on the contrary, the thickness of
copper foil can be larger. Besides, there are some distinguishing planar windings
reported such as the planar litz wire [165] and the planar winding for stacked I-cores

[166], as shown in Fig. 1.11.

For the first step in the design for planar magnetics, the proper planar core should be

selected and the size of the core is determined based on the proper design procedure.
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Fig. 1.11 Distinguished planar windings (a) planar litz wire; (b) planar winding for stacked I-cores

High Frequency Planar WindingLoss  As the assembly method of planar
windings differs from the traditional wire-wound windings, the high frequency

winding loss needs further investigation.

Dowell’s equation is widely used to calculate the high frequency winding loss for
magnetic components with wire wound or perpendicular copper foil windings. For the
planar windings implemented with small wires or litz wire, the approximate 1-D
calculation method or the improved methods mentioned in Section 1.1 can be extended
to calculate the winding loss. However, for planar windings fabricated by PCB or
copper foils, the ratio of width to height of conductors could be large, resulting in quite
complex current distributions. As the window utilization of the conductor is relatively
small for planar components, the 2-D edge effect in the winding loss will be increased
with the thick conductor. These issues must be treated seriously during the design of

planar magnetics.

In [167]-[169], uniform current distribution for cylindered plate windings was
considered. Based on the proposed current distribution at lower frequency, Maxwell
equations were solved. The precise formulas for winding loss, self-inductance and
mutual inductance for planar magnetics with three magnetic core structures, air core,
substrate core and sandwich core were presented. The FEA was employed to obtain
the accurate winding loss of planar structures in [170]-[172]. The detailed lumped
modelling for planar magnetics based on “1-D” and “Magneto-Quasi-Static”

assumptions has been proposed in [173].
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Fig. 1.12 Edge effect on winding loss: (a) a thick conductive strip in free space; (b) multi-layer

windings away from the core

In order to handle large current in planar magnetics, the parallel connection of multi-
layer conductors is generally applied. The current in one layer would be different from
the other due to the high frequency AC resistances of each layer. The extra winding

loss caused by the circulating current needs further consideration [174]-[176].

Another issue for the winding loss in planar magnetics is called the “Edge Effect” if
the edge of the conductor is away from the magnetic core. Fig. 1.12 shows the current
distribution for a thick conductive strip in free space and the multi-layer windings
away from the core. Without regard to the skin effect and the proximity effect, the
edge effect is due to the magnetic field at the end of the conductor which is
perpendicular to the conductor. In [177], the edge effect was solved by approximate
equivalent elliptical cross-sections for a strip conductor. Based on the estimated DC
boundary condition of each conductor, an improved 2-D method was proposed to
calculate the high frequency winding loss for small winding porosity factor in [178].
The research in [ 179] pointed out the edge effect can be ignored if the distance between

the conductor and the core is smaller than the thickness of the conductor.

L eakage Inductance Calculation and Design One of the advantages of planar
magnetics is that the leakage inductance can be predicted precisely. The leakage
inductance based on 1-D assumption was carried out in [147] by calculating the
leakage energy. Compared to the conventional wire wound transformer, the leakage

inductance of planar transformer is larger because the longer mean turn length (MLT)
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of planar windings appears [180]. The interleaved winding technology is commonly
used to minimize the leakage inductance in planar magnetics, which can also reduce

the winding loss at the same time.

However, for cases of replacing the discrete inductor by the leakage inductance of the
transformer, large leakage inductance is required. The best way to increase the leakage
inductance is inserting a magnetic shunt, a lower permeability magnetic material,
inside the window area to provide a magnetic flux path [15], [181]. The associated
analysis of the leakage inductance for the transformer cooperating the magnetic shunt

is given in [182].

1.3.3. Planar Transformersfor LL C Resonant Converters

According to the summary and conclusion in the Section 1.1, the LLC resonant
converter shows great promise in high frequency DC-DC converters for power
supplies. Combining the advantages of planar magnetics, the idea of replacing the

conventional wire wound components is very appealing.

The development of an electromagnetic model for a resonant integrated spiral planar
power passive (ISP?) structure was presented by Wyk in [15], [183] and [184] . The
series resonant ISP* LLCT structure is shown in Fig. 1.13(a). The structure consists of
an LC series resonant structure as primary winding (realizing the required series
capacitance). A standard planar spiral winding is separated from the primary by a low
permeability “leakage layer” that shunts some of the flux between the windings and
thereby reducing the coupling between windings, thus realizing (most of) the leakage

(or resonant) inductance.

Cove described the methodology for determining parametric models for leakage and
magnetizing inductance, inter and intra-winding capacitances, and winding resistance
of small planar transformers using a variety of winding arrangements based on the
PCB planar transformer structure shown in Fig. 1.13(b), and the planar Ferroxcube
ER18/3.2/10-3F3 core set was selected [170], [185]. The models were employed to
shape the winding design to control parasitic elements in order to optimize soft-

switching and resonant converters.
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Fig. 1.13 Integrated planar transformers for LLC resonant converters: (a) Wyk’s ISP LLCT
structure; (b) Cove’s PCB windings with ER18/3.2/10-3F3 core

D. Kim proposed the structure of a slim-type transformer composed of copper wire on
the bobbin as the primary winding and PCB winding on the outer layer as the
secondary winding shown in Fig. 1.14(a) [186]. In the slim-type transformer, the
insulation between the primary and the secondary winding uses a considerable portion
of the window area when the windings are stacked. However, when the primary and
secondary windings are positioned inside and outside, respectively, the volume of
insulation between them can be greatly decreased. The saved area can contribute to
the conductive cross-sectional area, and the conduction loss can be reduced. Also, the
utilization of the primary winding is easier due to the use of the bobbin. The planar
transformer proposed by Eun-Soo Kim shown in Fig. 1.14(b) can increase the leakage
inductance without inserting a leakage layer or I shaped magnetic core [187], [188].
The EE core of the transformer and EE core of the inductor side are combined into
one core. In [189], Fu proposed several novel concepts to reveal the essence of the
transformer design, as shown in Fig. 1.14(c). In order to minimize the winding loss,
several winding structures were proposed and compared. Wang used the ferrite mosaic
structured core which is finished after cutting, laminating and assembling the ferrite
mosaics. It consists of a supporting plate and ferrite units with small size stuck on it,
as shown in Fig. 1.14(d) [190]. As the centralized gap was distributed into several
small gaps, the fringing filed caused by adjacent gaps was avoided. The core loss was

also be reduced.
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Fig. 1.14 Planar transformers for LLC resonant converters: (a) D. Kim’s structure; (b) Eun-Soo

Kim’s structure; (c¢) Fu’s structure; (d) Wang’s structure

Comparing and summarizing these proposed planar transformer structures,
conclusions can be drawn, based on the core types, the primary and secondary winding

implementations as well as the gap arrangement, as shown in Table 1.3.

1.4  Objectivesand Outline of the Thesis

Based on the literature review, the LLC resonant converter stands out due to its
remarkable advantages for the power supply applications. The parameters including
the resonant components and the dead time will affect the circuit operation. Thus, the
design methodology for the main parameters in the LLC resonant converter should be

investigated.

On the other hand, the magnetic components, especially the transformer in the LLC
resonant converter, play significant roles in the main circuit. The design of the
transformer which has an air gap in the magnetic core to implement the required

magnetizing inductance will bring new issues. The existing design methodology for
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TABLE 1.3 SUMMARY OF PLANAR TRANSFORMERS OF LLC RESONANT CONVERTERS
Structure Core Primary winding Secondary winding Air gap
Wyk’s LLCT . .
structure Planar EE Copper spiral Copper spiral None
Cove’s structure Planar ER PCB spiral PCB spiral Lumped
D. Kim’s structure Planar EE Copper wire PCB Lumped
Eun-Soo Kim’s . .
structure Novel Planar EE ~ Copper wire Copper foil Lumped
Fu’s structure Planar EE Litz wire PCB Lumped
Wang’s structure Planar EE PCB PCB Distributed

the conventional transformer cannot be applied to design the gapped transformer
because the magnetizing inductance is integrated in the transformer. The operation
principle of the gapped transformer needs to be investigated and proper design

procedures need to be developed.

Lots of efforts have been carried out to evaluate the high frequency winding loss
according to the literature review, the leakage inductance of the high frequency
transformer were rarely mentioned. It is significant to obtain the method of calculating
the leakage inductance at high operating frequency as it will affect the circuit operation,

especially the LLC resonant converter.

For applying the planar transformer in the LLC resonant converter, different structures
of planar transformers were carried out in the literature. However, the detailed design
method and optimization strategy were not covered. The comprehensive modelling of
the planar magnetics should be carried out. The high frequency winding loss and the
leakage inductance of the planar transformer are the main design considerations. The
planar transformer employed in the LLC resonant converter, the air gap and the phase
shift between the primary current and the secondary current will affect the design
result. Furthermore, the integrated planar transformer was applied in the LLC resonant
converter in the literature. Nevertheless, the modelling for the leakage inductance in

the integrated planar transformer was not presented.
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According to the literature review, the objectives of this thesis may be summarised as

follows:

(1) To develop a design methodology for the selections of the main parameters in the
LLC resonant converter including the resonant inductance, the resonant capacitance

and the magnetizing inductance;

(2) To analyse the operation of the gapped transformer applied in the LLC resonant

converter and propose the design procedure based on the specifications;

(3) To illustrate the calculation methodology for the winding loss of the planar
transformer fabricated by PCB windings or copper foils and investigate the stray

capacitances of the planar transformers;

(4) To discuss the phase shift effect in the winding loss of the planar transformer and
illustrate the optimization design methodology of the planar transformer applied to the

LLC resonant converter.

In Chapter 2, the design methodology for the parameters in LLC resonant converters
will be described. Based on the operation analysis and calculation of the circuit, the
main power losses of the LLC resonant converter will be obtained. Combing the
efficiency, the no load operation and the input voltage range requirements, the trade-

off design method will be presented.

In Chapter 3, the operation and design procedure for the conventional gapped
transformer in the LLC resonant converter will be described. The design example and

results for the transformer applied in the LLC resonant converter will be discussed.

Chapter 4 mainly focuses on the leakage inductance calculation for the transformer
operated at high frequency and the stray capacitances. The leakage inductances for

different interleaving structures will be analysed.

Chapter 5 focuses on the modelling of the planar transformer. The planar cores and

high frequency winding loss calculations will be illustrated. In addition, the
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calculation method for the leakage inductance of the planar transformer with a

magnetic shunt will be discussed.

Due to the fact that the air gap may need to be placed in the planar core and the currents
through the primary and secondary windings are not in phase, the issues relating to the
design of the planar transformer in LLC resonant converters and the optimized design
results for the gapped planar transformer will be studied in Chapter 6. The planar
transformer applied in a 240 W LLC resonant converter has been fabricated and the

experimental results will be presented.

Chapter 7 presents the conclusions of the thesis and describes possible work in this

arca.

In summary, the novelties of this thesis include:

e A new design methodology for the main parameters in the LLC resonant converter
including the resonant inductance, magnetizing inductance, resonant capacitance
and dead time has been proposed with the efficiency, zero voltage switching, input
voltage variation and light load operation taken into account. A full analysis of
the losses in the LLC resonant converter will be included. (published in IEEE
APEC 2013)

e A new design methodology for the conventional and planar gapped transformer
applied in the resonant converter will be presented, taking into account the role of
the magnetizing inductance and the gap in the transformer. (published in IEEE

Transactions on Industry Applications)

e Leakage inductance will be investigated for planar integrated transformers
including the role of a magnetic shunt to increase the leakage inductance and to
provide consistent values of leakage inductance. (published in IEEE Transactions

on Industry Applications)
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2

Design Parametersin LLC

Resonant Converters

In this chapter, the design methodology of the main parameters in LLC resonant
converters, including selection of the resonant inductance, the resonant capacitance,
the magnetizing inductance and the dead-time of the drive signals for the main
switches in the bridge will be presented. Based on the analysis of the circuit operation,
the main power losses of the LLC resonant converter will be calculated. In an attempt
to meet the requirements of constant output, the varying input voltage and the no load
operation, the trade-off design for the LLC resonant converter is introduced in this
chapter. Finally, a 105 kHz, 240 W LLC resonant converter is built to evaluate the

methods as described.

2.1 Operation of LLC Resonant Converters

The typical topology of the half bridge LLC resonant converter with synchronous
rectifier is shown in Fig. 2.1. The synchronous rectifier is employed to overcome the
shortage of discrete diodes taking advantage of low conduction loss. If the diodes were
used to implement the full wave rectifier, the large voltage drop in the diodes will
cause large power loss in the secondary side because the current through secondary
windings is high. In the LLC resonant converter, the resonant tank consists of three

components, Lr, Cr and Lm. In practice, Lr and C: are discrete components and Lm is
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Fig.2.1 Topology of half bridge LLC resonant converter with the synchronous rectifier

the magnetizing inductor of the isolating transformer T. The pulse frequency
modulation (PFM) controller is generally used in the LLC resonant converter and the
duty cycle in each switching period is almost 0.5. Due to the complementary
conduction of the two main switches (Si and S2) in the bridge, the output voltage of
the bridge, which is the same as the voltage supplied to the resonant tank viank , is @
the square waveform if the dead-time is ignored. The isolation transformer has two
centre-tapped secondary windings and the full-wave rectifier is established with two
controlled switches Sri and Srz. In the operation process of the circuit, different
components in the resonant tank will achieve resonance and two associated resonant

frequencies are defined to simplify the analysis which are given by

fo=—t L fm= !
' QW\/LrCr, o 27 (Lr+Lm)Cr.

2.1)

The corresponding periods are represented by 7; and Tim, respectively. With proper
assumptions, the resonant current i, may be treated as approximately pure sinusoidal.

Thus, the fundamental frequency analysis (FFA) can be introduced to examine the

characteristics of LLC resonant converters and the detailed investigation is presented

in Appendix B. Depending on the switching frequency f;, different operation modes
are possible for fi < fim, fim < fs < fi or fs > f;. Referring to previous work [191],
the condition of switching frequency fim < fs < fr is chosen because ZVS is possible

under all load conditions. In the following description, f; is set in this range.
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Fig. 2.2 Typical waveforms of LLC resonant converters

211 Steady State Waveformsof LL C Resonant Converters

Basically, there are six main switching stages of LLC resonant converters in steady
state during half of the total switching period. The typical waveforms and highlighted

current paths for each state are shown in Fig. 2.2 and Fig. 2.3. Operation stages in half

switching period (#; <t <t7) are introduced as follows.

Stage 1 (t; <t <t,, Fig. 2.3(a)) Before time ¢, , the resonant current flows
through Si and the resonant tank in the primary side. The switch Sz is off. In the

synchronous rectifier, the body diode in Sri conducts the secondary current ;. At ¢,
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Fig. 2.3  Switching states with current path highlighted for the LLC resonant converter with the

synchronous rectifier

Sri is turned on and iy is transferred from the body diode to Sri. The voltage of the
magnetizing inductor Lm is constant which is directly related to the output voltage.
The magnetizing current i, increases linearly. On the other hand, L: and C: are in
resonance, resulting in ¢; as a sinusoidal waveform (the switching frequency is
selected close to the resonant frequency). The secondary current is in direct proportion

Stage 2 (t, <t <t3, Fig. 2.3(b)) Sri is turned off at ¢,. The body diode in Sri
will be forward biased with current is;. The operation of the primary side is the same

as in Stage 1. This stage will end when i, equals iLm.

Stage 3 (t3 <t <t4, Fig. 2.3(¢c)) At t3, i, 1s resonating back to the quality of

iLm - At this moment, the current through the primary winding of the ideal transformer,
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represented by i, in Fig. 2.2, equals to zero. It will make the body diode of Sri
naturally turned-off. In this stage, L, Cr and Lm build up the resonant tank. Generally,
the inductance of Lm will be much bigger than L, thus 4, is taken to be constant during

this stage.

Stage 4 (t4 <t <ts, Fig. 2.3(d)) The switch Si is turned off at time ¢4 and i,

will charge the output capacitor of Si and discharge the output capacitor of So.
Meanwhile, the output capacitors of Sri and Sr2 will be charging and discharging,

respectively.

Stage 5 (ts <t <te, Fig. 2.3(e)) By the end of Stage 4, at time {5, capacitors in
two switches in the half bridge complete the charging and discharging processes. The
voltage across Sz decreases to zero and the body diode in Sz is naturally forward biased.
In this situation, the switch Sz can achieve ZVS and the turn-on loss will be eliminated.

The body diode of Sr2 will conduct.

Stage 6 (ts <t <t7, Fig. 2.3(f)) At time %6, S2 will be turned on with ZVS. At

the end of this stage, Sr2 is turned on and %5, will transfer from the body diode to Sr2.

In practical, the duration time from 3 to ¢ is distinctly short compared to the
switching period. The waveform of i, is approximately sinusoidal and the

fundamental frequency analysis (FFA) methodology can be applied to the model and

the main characteristics of the LLC resonant converter may be calculated.

2.1.2 Fundamental Frequency Analysis

The design of LLC resonant converters is challenging because the selection of
L,,C:, Ly and the dead-time of the driving signals for S and Sz (represented by #4)
are interdependent and can affect the operation and performance of the converter.
Consequently, it is necessary to investigate relations between the characteristic of LLC
resonant converters and these main parameters. In order to carry on the quantitative

analysis, FFA is introduced. The detailed analysis and derivations are listed in
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Appendix B. The key results, which would be applied during the design procedure,

are presented in follows.

The DC voltage gain of the LLC resonant converter is given by

Yo _ 1 , 2.2)
Vin i 1\ 1]
o212 ool 1)
with
_ £ _ Lm _ 7T2 ﬁ
fo= 5 e 9T 8a’R N\ C,’ 3)

where a represents the turns ratio of the transformer and Ry is the load resistance. In
the LLC resonant converter, the switching frequency will vary to maintain the constant

output voltage if the input voltage or the load is changing.

For the power loss calculation and semiconductor switches selections, root-mean-
square (rms) values and peak values of currents in the resonant tank (i, ), the
magnetizing inductor (iLm ) and the secondary winding (%) are required. Based on

the formulas of currents in the time domain during half of the switching period, shown

as (B.35) to (B.40), expressions for peak values and rms values of currents are given

aVoT.\ (7ITsY T \(aVoT: ' 1(#l.Ts\
Iripk = + ,Irirms = 1- +— >
4L n 20T, 2T 4L 2\ 2a T,

(2.4)
a VoTr a VOTI‘ 2Tr
Iim = ’ Iim rms — 1- ) 2.5
P L k- ALnm 3T, 2-3)
512 —48)a?VITS 272
lsl rms — ( 2) D) + il IOTS . (26)
- 1927 LT 167T;
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2.1.3 Parametersinfluence Based on k, Q Factors

From the formulas in Section 2.1.2, it is evident that the output voltage and currents
in the circuit will be tightly dependent on the selection of L, C; and Ly, . Following
the definitions of factors £ and () in (2.3), the relations among components in the

resonant tank may be linked. In following discussions, the operation of LLC resonant
converters, including the output voltage, the switching frequency variation and peak

currents, will be investigated with different values of £, and load conditions (from

10% rated load to 100% rated load). In order to simplify the explanations, the

normalized output voltage will be used

:2aVo: 1
Vin 2 2
1 1 1
i) o2

Under normal operating conditions, the value of V' will be 1. Fig. 2.4 shows the

Vo' 2.7)

normalized output power characteristics with different values of £ . The maximum
output voltage is bigger with smaller £ . This means that the larger variation range of
Vin can be accommodated. For different load conditions, the switching frequency
variation range will be narrower with smaller £ from light load to rated load. Thus,

the smaller L,, would be preferred with the determined L, considering the variations

of fs and Vi, .

The currents will also be affected by L. . The smaller L, will cause bigger rms
values of i: and s, based on (2.4) and (2.6). Fig. 2.5 presents the relations of I, rms
and Is1 mms versus k for different load conditions. It is indicated from Fig. 2.5(a) that
the rms value of i, is closely related to & . With the smaller &, I, /s increases and it

it will cause bigger power loss for components in the primary side. Nevertheless, the
rms value of the secondary current is less dependent on the value of % . Consequently,
the value of k£ should be selected by comprehensively considering the switching
frequency variation, the input voltage variation and the power loss. All these effects

will be included in the trade-off design methodology.
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Fig. 2.4 Normalized output voltage versus normalized switching frequency for different values of k

with output power from 10% to 100% of rated power
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(b) The rms value of i versus &

Fig. 2.5 Rms currents through the primary and secondary winding for different values of k

0 1 1 1 1 1 1 > fn

Fig. 2.6 Normalized output voltage versus normalized switching frequency for different values of @)

with k=7

The factor ) will also affect the output voltage based on (2.7). The values of V' with
fixed k=7 versus different values of () and f, are shown in Fig. 2.6. The smaller

value of @) will be preferred as the smaller variation of switching frequency and
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bigger adaptive input voltage range can both be achieved. Thus, the values of £ and

() should be properly determined during the design process.

2.2 Power Loss Modelling of LLC Resonant Converters

The total power losses of the LLC resonant converter contain the loss of the switches
including the switches in the half bridge and the switches in the synchronous rectifier,
the losses of the magnetic components including the resonant inductor and transformer,
and the losses of the capacitors which are neglected here due to their small values for
typical power supplies. Next, each component of the power losses will be calculated

and the dependent parameters will also be described.

2.2.1 SwitchesLosses

The turn-on process of Si and Sz is ZVS, therefore, the losses of S1 and Sz consist of
the conduction loss Ps on, turn-off loss Ps ofr and driving loss Ps 4r . Supposing the
conduction resistances of S1 and Sz are the same, represented as Rs on , the conduction

loss is calculated as
Ps_on = 2Rs_onlrz_rms . (28)

Considering that the turn-off time is very short, i, may be treated as constant during
the turn-off process. Actually, i, is equal to the peak value of i1, during the turn-off
of S1 and S2. We can assume that the current through S is linearly reduced from
Itm pk to 0 in the turn-off time duration ¢r. The turn off current is expressed as

Z'slioff (t) = ILmipk (]— _ti] (29)

f
Supposing the currents through the output capacitors of S1 and Sz are identical, the

voltage across S1 during the turn-off process may be obtained by

Lum pic t2, (2.10)

Vsl off (t) =
- 4Cosstf

where Css is the output capacitance of the MOSFET. Thus, the total turn-off loss of

the two switches is calculated by
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_ Il%mipktlgfs

Ps ot = 2.11
-t 24COSS ( )
The driving loss of Si and Sz is obtained from

Psidr = ZQgngsfs, (212)

where @)y is the gate-source charge given by the manufacturer and Vs is the driving

voltage.

In the secondary synchronous rectifier, the dominating power loss contains the
conduction loss and the driving loss of Sri and Sr2 if switches are assumed to be

controlled perfectly. The calculation for losses of Sr1 and Sr2 is
Psr = 2}%srionIzlirms +2Qgsisrvgsisrfs, (213)

where R on, Qes or and Vg o represent the conducting resistance, grate-source

charge and the driving voltage of Sri and Sraz, respectively.

As the conducting time of the body diodes in Sri and Sr2 is relatively short under
proper control strategy for the synchronous rectifier, conducting losses of the body

diodes in Sri and Sr2 are neglected.

2.2.2 Magnetic Components L osses

The losses of the resonant inductor and the transformer, including the magnetic core
loss and winding loss, are complex to carry out precisely. The related analysis and
design of the transformer in the LLC resonant converter will be further discussed in
Chapter 3. Aiming to select proper values of parameters in the main circuit, it is
reasonable to simplify the issue at the beginning. The core loss is assumed to be equal
to the winding loss which is related to the winding resistance and rms values of
currents through windings. Thus, losses of the resonant inductor and the transformer

are expressed by

P, = 2}erIr{rmsa (214)

PT ZQ(RTipIr{rms +2RT751317rms), (215)
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where Ri., Rr , and Rr  are the resistances of the inductor winding, the primary

winding and single secondary winding of the transformer, respectively.

Combining the obtained loss in each part, the total power loss Piota1 can be calculated.
With the selected switches and f; , the power loss under rated output will only depend

on T; and Ly, . Actually, the relationship between 7 and L., can be built up by the

requirement of ZVS which will be explained later.

2.3 Trade-off Design of the Main Parameters

In order to achieve ZVS of the primary MOSFETs, the energy stored in the output
capacitor of the MOSFET, Cs, should be released totally during the dead-time from

ts4 to te showninFig. 2.2. Referring to [192], the dead-time should meet the condition

3 ECoslials 219

When the LLC resonant converter is operated at rated load, f; is closed to f; . Ideally

we have
Ts :Tr +2td. (2.17)

With the critical dead-time selected, the relation between 7 and L, can be derived

by combing (2.16) and (2.17). The results is

Tr=%£Ts+\/T£—MLm]. (2.18)

aV,

Until now, the relation between L., and 7; has been described and the total power
loss can be treated as the function of L., only. Fig. 2.7 shows the typical curves of
Piotal to Ly . From the result, there is one minimum point in the curve. However, we

select the optimized range instead of the minimum point because some parameters in
the power losses calculation are approximate. The allowable power loss would be set

within 10% of the minimum calculated value. Under the overall considerations, the

proper range of Ly, can be firstly selected to be [ Lm min, L _max | -
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Fig. 2.7 Selection of Ly, based on the calculated total power loss

Combing (2.1), (2.3) and (2.18), we have

4a’R T;
L =—-"(kQ), (2.19)
T
and
7T3Lm 1
EQ = h . (2.20)
a’Bu \/T52_640055Vm I
aV,

Thus, the proper set of (k,Q) can be obtained and represented to be {(k,Q)}A. The

values of k& and () will be further optimized by the following limitations and

requirements.

Input Voltage Variation  As illustrated in Fig. 2.4 and Fig. 2.5, the voltage gain
for the designed LLC resonant converter has a maximum value (represented by M max )
whichisrelatedto £ and @ . With fixed Vi, and V,, the proper f; isadapted through

the feedback controller and the value of M is determined. Nevertheless, the input
voltage will be changed in practical circuits due to the voltage ripple or variations on

loss of the utility voltage. In the hold-up time duration, V;, may be reduced to a lower
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level, therefore a larger voltage gain must be satisfied. If the lowest input voltage is

supposed to be Vin min, the required minimum value of M nax will be

Vo
Mreq = Vin_min . (221)
Based on the relationship given by
M imax (k,Q) 2 M req, (2.22)

the adequate set of solutions can be obtained and expressed by {(k, Q)} . By now, the

values of & and @ are limited within {(k,Q)}" N{(k.Q)}".

Light Load Operation As mentioned in Section 2.1.3, a smaller % is preferred
since the frequency variation due to light load operation can be narrowed. This factor

should be considered during the trade-off design.

Peak Currents At last, the peak currents of the primary side and secondary side
must be calculated to guarantee that the values do not exceed the capacity of the
selected MOSFETs. On the other hand, the peak currents are related to the magnetic
flux in the inductor and the transformer, therefore smaller values are preferred because

of the lower core loss.

The flow chart of design procedure is shown in Fig. 2.8. In the following section, the

main parameters of a 105 kHz, 240 W LLC resonant converter will be designed.

2.4 Design Results of the 240 W, 105 kHz L L C Resonant

Converter

Based on the trade-off design methodology of the LLC resonant converter, one design
example with the specifications listed in Table 2.1 was carried out. The turns ratio of
the transformer i1s a =35:4:4. The MOSFETs used in the primary bridge and the
synchronous rectifier have the associated parameters, which will be used in the design

process, listed in Table 2.2.
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Converter specifications

Y
Y Y
Switching frequency f; Transformer turns ratio a
Y A 4
\ 4
Y Y
. Input volta iati
MOSFETs selection fiput votage variation
Vin_min
Y Y
Range of L, High efficiency Maximum gain required
[Lmimin, Lmﬁmax] ZVS Mreq
Y Y
{(k, Q)}* based on (2.20) {(k, Q)}® based on (2.22)
Y A 4
A\ 4
Y Y
Light load operation Peak current
Y A 4
A\ 4

k, @ determined

MOSFETs

selection suitable?

L., C;, Ly and t4 selected

Fig. 2.8 Flow chart of trade-off design procedure for the LLC resonant converter

48



CHAPTER 2. DESIGN PARAMETERS IN LLC RESONANT CONVERTERS

TABLE 2.1 DESIGN SPECIFICATIONS OF THE LLC RESONANT CONVERTER
Parameters Symbols Values
Normal input voltage Vin 400 V
Minimum input voltage Vin_ min 350V
Maximum input voltage Vin max 420V
Output voltage Vo 24V
Rated output current I, 10 A
Switching frequency fs 105 kHz
Rotal (W)‘\
30
25
Selected range

20

15

10

Y

Lmimax

1 »

800

1000

1200

Fig.2.9 Calculated power loss versus L

»

1400 L, (uH)

Fig. 2.9 shows the calculated power loss versus Ly, . In order to consider the accuracy

of approximate values for winding resistances in the inductor and the transformer, Ry.,

Rr , and Rr  are all varied by -50% to +100%. According to the results shown in

Fig. 2.9, the selected range of Ly, is from 400 pH to 1000 pH and it is insensitive to

the resistances of magnetic components.
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TABLE 2.2 APPLIED PARAMETERS AND VALUES DURING THE DESIGN PROCESS

Components Parameters Values

Rs on 220 mQ

Qs 12.5nC

MOSFETSs in the primary side Closs 330 pF
13 90 ns
Ves IPAY

Ry on 7.1 mQ
i\élgi%ll lrETs in the synchronous Qu s 10 nC
Vs st 12V

Ry, 150 mQ

Magnetic components Rry 150 mQ
Rrs 4 mQ

10

Mmax

Fig. 2.10 Relation between Mmax and Mreq
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0.8 Lin max=1000 pH
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02} Ly min=400 pH

2 4 6 8 10 12 14 16 18 20

Fig. 2.11 Selection of kand @

Under the design specifications, the maximum voltage gain should be bigger than 1.35
based on (2.21) with the allowance considered. The proper area and the boundary of

(2.22) were obtained and the relation of Mmax and M,.q for different £ and () are

shown in Fig. 2.10.

In Fig. 2.11, the shaded area shows the proper groups of {(k,@)}B which is
determined by the requirement of input voltage variations. The hatched area shows the
groups of {(k,@)}A ﬂ{(kz,Q)}B. The selected design point is shown and taken as

k=4, ()=0.52. The resonant inductance is

L

L=
k

=105 pH. (2.23)

The value of the resonant capacitor is given by
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9 2
Cr=|———| L =17.5 nF. (2.24)
8a RLQ

The final parameters are designed as

L =420 pH, L, =105 pH, C, =20 nF. (2.25)

2.5 Experimental Results of the 240 W LLC Resonant

Converter

With the selected parameters of the LLC resonant converter shown in (2.25), the rms
values of i and i5; are calculated by (2.4) and (2.6) as 1.562 A and 8.099 A,

respectively. The phase angle ¢ shown in Fig. 2.2 is 31.2°. Based on the selected
parameters, the prototype with f; =105 kHz and P, =240 W is carried out to
verify the design results. The standard TDK PQ26/20 sets magnetic core with

Ar =160 nH/N? is applied to implement the resonant inductor and the number of

turns 1s 26.

The standard core ETD 39 with EPCOS N87 material is selected for making the
transformer. A 0.5 mm gap was made in the centre leg in order to get the proper
magnetizing inductance. The numbers of turns in the primary winding and each
secondary winding are 35 and 4, respectively. The HF45 x 0.1 mm litz wire is used in
the primary winding. Each secondary winding uses 3 parallel wires of HF 30 x 0.15
litz wire. The implementation of windings in the conventional wire wound gapped
transformer and the windings arrangements are shown in Fig. 2.12. The detailed design
issues and considerations for the transformer applied in the LLC resonant converter

will be discussed in next chapter.

The LLC resonant converter along with the Boost PFC is tested and the photo of the
power supply prototype is shown in Fig. 2.13. The efficiency of the LLC resonant
converter is measured under different load conditions. The result is presented in Fig.
2.14. The experimental results show that the trade-off design methodology for the LLC

resonant converter works well.
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Fig. 2.12 Winding configurations of the conventional wire wound transformer
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Fig. 2.13 Photo of the tested power supply with the LLC resonant converter
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Fig. 2.14 Efficiency of the LLC resonant converter with conventional transformer

2.6 Conclusions

The LLC resonant converter is widely applied in the applications of power supplies
and the main parameters need to be determined properly. In this chapter, the basic
operations and analysis of the LLC resonant converter has been carried out by FFA.
The output voltage and switching frequency will be affected by the resonant
components and the specific relations were discussed. Based on the calculation of the
main power losses in the circuit, the trade-off design procedure has been presented
with the input voltage variation, light load operation and peak currents taken into
account. The main parameters of LLC resonant converter with switching frequency

105 kHz and output power 240 W were determined.
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3

Design Methodology for a Gapped

Conventional Transformer

In the LLC resonant converter, the magnetizing inductance of the transformer should
be reasonably selected and the air gap is normally placed in the magnetic core to
implement the required value. The design methods of conventional transformers
without the gap cannot be applied for this application for the reason that the gapped
transformer integrates the magnetizing inductance within the conventional transformer.
In this chapter, the operation of the gapped transformer and the design methodology

based on given specification will be presented.

3.1 Gapped Transformer Operation Principle

For a conventional transformer, the magnetic inductance will be quite large and the
flux in the magnetic core is easily built up by small current through the winding.
However, the situation will be different for the transformer in the LLC resonant
converter in which the magnetizing inductance is optimized to guarantee the
performance of the circuit, described in Chapter 2, as shown in Fig. 3.1(a). The
transformer can be treated as one magnetizing inductor Lm connected in parallel with
the primary side of an ideal transformer. To determine the proper inductance of Lm,

the air gap is normally placed in the core and the equivalent magnetic core with the

permeability p.er can be applied to analyse the operation of the gapped transformer.
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NN N N AN

Fig. 3.1 Gapped transformer in the LLC resonant converter (a) circuit model; (b) simplified

fabrication sketch of the gapped transformer

As shown in Fig. 3.1(b), three windings are wound around the core, they are the
primary winding on the left side, the secondary 1 and secondary 2 windings on the

right side.

The current through the primary winding is the resonant current 4, which is the sum
of the magnetizing current i1, and the primary current through the ideal transformer
1p balancing the secondary load current. The two secondary currents are i5; and s>

and they are complementary. The waveforms and calculations for these currents have
been introduced in Chapter 2. The comprehensive analysis of the role for each current
in view of the magnetic flux must be carried out. Only in this way can the magnetic
flux density, the core loss and the winding loss of the transformer be properly

calculated.

The fluxes built by the primary current i, and the secondary currents i5; and 75> in
the ideal transformer are represented as ¢,, ¢s1 and ¢s», respectively in Fig. 3.1(b).
For the ideal transformer, these fluxes will cancel each other. The magnetizing current
iLm sets up the common flux linking all windings. The flux density in the core will be

directly proportional to iLm . The maximum flux density in the core is given by

Boax = NOMefpr]Lm_pk , (31)

le
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where IV, is the number of turns in the primary winding, /im pk is the peak value of
magnetizing current, perr and [. are the effective relative permeability and the
magnetic path length of the core, respectively. Based on the flux density in the core,
the core loss of the transformer may be solved and the final design result should

guarantee that the maximum flux density is smaller than the saturation flux density of

the core material.

On the other hand, the current through the primary winding is ¢, which is the sum of
tp and irm . Thus, it is the resonant current 4, that will be used to calculate the winding

loss of the primary winding.

Based on the operation analysis of the gapped transformer, the design considerations

will be discussed and then the design methodology will be established.

3.2 Design Considerationsfor the Gapped Transformer

There are three windings in the transformer, the design consideration of multiple
windings should be taken into account. For the gapped transformer in the LLC resonant
converter, the magnetizing inductance effected by the gap dimension must be
considered. On the other hand, the temperature rise of the transformer operating at
steady state is a significant specification in the practical application. Once the
maximum allowed temperature rise is determined, the smaller size of the transformer
is always pursued to achieve higher power density. Thus, the thermal characteristic of
the magnetic core and the temperature rise related to the total power loss of the

transformer must be discussed.

3.2.1 MultipleWindings Consideration

For multiple windings transformers, the optimum window utilization factor for the
primary winding and secondary windings may be investigated by the DC winding loss.
The total window utilization factor of all windings is defined as the ratio of the winding

conduction area (W, ) to the window winding area of the core (W, ) and represented
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as ky. If the primary winding has the window utilization factor of k,, the total

winding loss of the transformer can be obtained by

N,MLT NaMLT
kapWa (ko —kup ) We
NP 2]Vsl

Pcu_dc =Pw 'Ir2_rms +2- 'ISQI_rmS ) (32)

where p. is the electrical resistivity of the winding, N, and Nj; are the number of
turns of the primary winding and the secondary winding 1.

The optimum value of P, 4. in relation to Ky, is obtained by taking the partial

derivative with respect to k., and setting it to zero:

aPcu_dc _ prL T _ N;%]rz_rms n 4N521]szl_rms

=0. (3.3)
9 kup Wa Koo (ka—kup)’

Thus, the window utilization factor of the primary winding is related to the total

window utilization factor by

kup - ku m (34)
] 2slms

a/Irirms

3.2.2 Magnetizing Inductance Consideration

With the equivalent relative permeability of the gapped core pfr, the magnetizing
inductance can be calculated by the basic inductance equation

— MOMefngAc

L
le

: (3.5)

where A. is the cross-sectional area of the core.

For typical EE core sets with gaps placed on the centre leg, as shown in Fig. 3.2, the

basic relationship between g and ficfr 1

frle
gur +1e ’

et = (3.6)

58



CHAPTER 3. DESIGN METHODOLOGY FOR A GAPPED CONVENTIONAL TRANSFORMER

,Ur'

1.,

<
4-»\
N

[ Ga

hleg Gw

Fig. 3.2 Gap placed in the EE core sets and the dimensions of the gap

where (i, is the relative permeability of the core material. However, the gap effect

may cause significant change in the inductance with larger gap length. Thus, the final
selected gap length should be verified to make sure that the obtained magnetizing
inductance is in the allowable range. According to the review in Chapter 1, the
calculation of the magnetizing inductance considering the fringing flux due to the air
gap can follow the 3-D reluctance model proposed in [113]. For the gaps illustrated in
Fig. 3.2, the reluctance of the air gap in the centre leg with the assumption of a
homogenous flux density distribution in the gap without fringing flux can be calculated
by

g
Ry = . 3.7
S (3.7)

The reluctance of the air gap in the centre leg with 3-D fringing flux considered can

be obtained by
Rl =040 L, 3.8
e Y e (3.8)

where
1 1
Ox = - , Oy= - . (3.9
1+9(1+1n7T ‘egj 1+ (1+1n7T 1°g]
Tgd g TG w g

Consequently, the effective permeability of the core with the fringing effect due to the

air gap in the core is given by
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rlc
T — L — (3.10)
OxOygitr +1c

For the air gap with round cross-section placed on the centre leg, such as the centre leg

of ER sets, the reluctance of the air gap with 3-D consideration can be calculated as

Ri,=c29 311
g oA, (3.11)
where
1
or = - , (3.12)
1+g(1+lnwj
Tgr 29

and g, is the radius of the cross-sectional area. Thus, the effective permeability of the

ER cores set with the fringing effect due to the air gap in the core is given by

rle
pl =1 (3.13)
OrgUr +1;

3.2.3 LossesConsderation

The total loss of the transformer consists of the core loss and the winding loss. The
flux density in the gapped transformer in the LLC resonant converter is set by the
magnetizing current. The general Steinmetz equation will involve some error in the
calculation of the core loss since the waveform of flux density is not purely sinusoidal.
As the dead-time between drive signals is very short, the waveform of the flux density
is assumed to be triangular with the same rising and falling times. For this situation,
the iGSE method is more suitable to obtain an accurate estimate of core loss. The

expression of core loss per volume is given by

«Q

dB

_ 1 7 ) [-a
Pr. _?jo Kie|—- |B(t)|"™ dt, (3.14)
with
Kic = Ke (3.15)

(27r)a_1 J§ﬂ|c030|a |sin 0|‘5_a dé ,
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where K., a, 3 are the parameters of the material applied in the Steinmetz equation
as shown in (1.8), B(?) is the instantaneous flux density. For the gapped transformer

in the LLC resonant converter, (3.14) can be rewritten by

P :i MOILLefpr ﬂJﬂ;K aV, ¢
e T. —lc 0 ic I

If the volume of the magnetic core is V., the core loss will be P, =V FPr.

-«
dt.  (3.16)

aV,I: aV,
- + 2
40 m L

On the other hand, the total winding loss of the transformer with the high frequency

effects ignored and the DC winding loss can be obtained as
PCu,dC = Rpfdcjr%rms + 2Rslidc15217rms- (317)

However, the switching frequency of the LLC resonant converter is quite high and the
high frequency effect will cause bigger winding loss in practice. Based on the
introduction of high frequency effects in Chapter 1, the eddy current effect and the air

gap effect may be evaluated. The extra winding loss due to high frequency effects is

represented by Py ac . Thus, the total power loss of the transformer is
Pirato = Pcu_dc +Pcu_ac +Pe. (318)

As the high frequency effect in the winding loss is tightly dependent on the winding

arrangements and the calculation of core loss is quite complex, the factor ~ is

introduced to simplify the total loss calculation and the definition is given by

Pirago = (1+'7)Pcu_dc- (319)

Based on the factor ~y, the total power loss will be linked to the DC winding loss which

can be easily expressed as the function of magnetic core parameters as it is shown in
(3.2). During the design process, the total power loss of the gapped transformer are
calculated with the initially assumed value of -~ . With the selected core and
parameters of the windings, the core loss and high frequency winding loss will both
be calculated and the final calculated value of + will be confirmed. If the final
calculated value is different from the initially assumed value, the new value is selected
to replace the initial assumed value and the design process is repeated until the final

calculated value is stable in an iteration process.
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3.2.4 Thermal Considerations

For the transformer where the maximum temperature rise AT 1is limited, the
maximum allowed power loss Pnax can be expressed as

AT

Pmax = 3.20
e (3.20)

where Ry is the thermal resistance for the core assembly. This value is normally
supplied by the manufacturer or obtained from empirical data [84]. In any case, the
thermal resistance is related to the dimensions of the magnetic core. The
approximation of Ry based on empirical data is related to the volume of the core and

given by [84]

Ry= 228 (.21)

N

In this empirical equation, is Ry in °C/W for V. in m°.

3.3 Design Methodology of the Gapped Transformer

For the gapped transformer, the maximum allowable power loss is determined by the
temperature rise and the thermal resistance of the transformer as given by (3.20) which
is related to the dimensions of the magnetic core. Besides, the relative permeability of
the core should be selected based on the requirement of the magnetizing inductance
within the limitation of the saturation flux density. Taking all the design considerations
presented in Section 3.2, the design methodology for the gapped transformer in the
LLC resonant converter can be implemented as outlined in Fig. 3.3. The specifications
for the transformer will be assigned or calculated based on the main parameters of the
LLC resonant converter. The A4, value will be introduced to select the proper core. 4,

is defined as the product of the window winding area and the cross-sectional area of

the magnetic core. The calculations for the minimum required A, value and the
corresponding selection of the relative permeability of the gapped core fiop: and the

current density Jy are derived as shown in Appendix C. The main calculations and

design procedure is as follows.
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Specifications : Lm, I ms, It pk> fim pio Joo ks AT, T

Y
Select the Material (K, a, B, Bsa)

A
L Select y

Change y

\4
Select the Core: Calculate A, and jiq (3.22) and (3.24)

Select Gap Length ¢

\ 4
Select Wires: Calculate .Jy and Tums N, Ny, N> (3.27)

\ 4

Calculate Maximum Flux Density Bi.x (3.1)

\‘ o Bmax =< Bsal

Yes

Calculate Losses and Operation Temperature T

o)
Y

Experiment Verifications

Fig. 3.3  Flow chart of the design methodology for the gapped transformer
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Core Selection A, is the product of the core window winding area W, and the
cross-sectional area A, the required minimum A, value for the gapped transformer
is expressed as

8
ku(L+ )Ll emsIim ok |7
A, = AP Lomde emslm pic |* (3.22)

BrmaxkupK AT

where K = 48.2x10° is a parameter based on the analysis of several core types and
sizes [84] and the value of v can be originally presumed and the value will be checked

when the total design is completed. (3.22) is derived in Appendix C.

Gap Length Selection With the value of A4, from (3.22), the proper core may

be chosen. The dimensions and parameters of the core are then available from the

manufacturer. Based on the thermal resistance of the selected core and the allowable

temperature rise, the DC copper loss of the primary winding F., , is obtained by

Pey p = bp AT (3.23)
The optimum relative permeability is then given by
Bmaxlc ]rirms (3.24)

Hopt = .
pt PcuipkupWa ILm_pk
RO\ ) ML T

See Appendix C for the derivation of (3.24). It is illustrated that the relative
permeability is directly proportional with the maximum flux density in the core and
inversely proportional to the square root of the winding loss. As the maximum flux
density is limited by the saturation value of the core and the winding loss is limited by
the maximum temperature rise, the relative permeability is balanced between the

maximum flux density which is related to the core loss and the winding loss.

For an EE core with the gap placed on the centre leg of the core, the gap length could
be found from (3.6) or the more accurately from (3.10) or (3.13) with the gap effect

considered.
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Numbersof Turns Once the proper gap length ¢ is determined, the corresponding

value of the inductance per turn, Ay, is calculated by

AL = %HAC, (3.25)

The number of turns for the primary winding is
Np=,[—. (3.26)

The number of turns in each secondary winding is Ngi =Ny =N, /a.

Windings of the Gapped Transfor mer The current density Jo in windings

should meet the requirement of the temperature rise and given as

AT 1
ka(l+7) 8/4,

Jo =K, (3.27)

where is K =48.2 x 10°. The derivation is given in Appendix C.

The conduction areas of the conductors may be found and then the proper wires or

copper foils can be selected.

Finally, the winding loss and the core loss should be calculated with the high frequency

eddy current effect and fringing effect taken into account. The presumed value of ~

must be checked.

3.4 Design Results of Conventional Gapped Transfor mer

The gapped transformer applied in the 240 W LLC resonant converter has been
designed and tested to verify the proposed methodology. The input voltage and the
output voltage of the LLC resonant converter are 400 V and 24 V, respectively. The
switching frequency is around 105 kHz. In the resonant tank, the resonant inductance
and the resonant capacitance are 105 pH and 20 nF, respectively, as designed in
Chapter 2. The turns ratio of the gapped transformer is a=35:4:4 and the required

magnetizing inductance of the transformer is around 420 pH.
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TABLE 3.1 SPECIFICATIONS OF THE GAPPED TRANSFORMER
Parameters Symbols Values
Output power P, 240 W
Switching frequency fs 105 kHz
Magnetizing inductance L 420 uH
Turns ratio a 35:4:4
Maximum temperature rise AT 50°C
Ambient temperature T, 40 °C
Rms value of resonant current I s 1.562 A
Peak value of magnetizing current T pk 1.138 A
Rms value of each secondary current I1 yms 8.099 A

3.4.1 Design Specifications of Gapped Transfor mer

The full specifications of the LLC resonant converter and the calculation results for
currents which will be applied during the design process are given in Table 3.1.
Furthermore, the total window utilization factor, k., is selected as 0.15 and will be

check at the end of the design.

3.4.2 Design Resultsfor the Gapped Transfor mer

For the application at 105 kHz, ferrite would normally be used. The material
specifications for EPCOS N87 are listed in Tab 3.2. The saturation flux density is 0.32
T at 100 °C with H = 250 A/m. In the initial design, the maximum magnetic flux
density Bmax is selected as 0.1 T. The value of Bmax is based on an iterative design

and it was found that the value satisfies the constraint of the design while ensures that

the maximum specifications not exceed.

At the first step, the value of ~ is assumed to be 1.5 and will be checked later. The A4,

parameter can be calculated with (3.22) and the result is 2.15 cm®*. Thus, the ETD39

core is suitable. The core specifications are listed in Table 3.3. The optimum relative
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TABLE 3.2 SPECIFICATIONS OF THE MAGNETIC MATERIAL EPCOS N87
Parameters Symbols Values
Steinmetz parameter K. 16.9
Steinmetz parameter Q@ 1.25
Steinmetz parameter B 2.35
Saturation value of flux density Baat 032T

TABLE 3.3 PARAMETERS OF SELECTED ETD39 CORE

Parameters Symbols Values
Cross-sectional area A 1.25 cm?
Magnetic path length le 9.22 cm
Window winding area W, 1.77 cm?
Area product parameter of the core Ay 2.21 cm*
Volume of the core Ve 11.5 cm®
Mean length of a turn MLT 6.08 cm
Height of the window of an ER core hieg 12.53 mm
Radius of the centre leg gr 6.4 mm
Thermal resistance Ry 17.7 °C/W
Copper resistivity (20 °C) P20 1.72 uQ-cm
Constant 20 0.00393

permeability will be obtained by (3.24) and the calculation result is 130. Therefore, the

final gap length from (3.6) is selected as 0.5 mm. Finally, the numbers of turns for the

primary winding and each secondary winding are 35 and 4, respectively given by

(3.26).

The current density Jo is calculated by (3.27) and the value is 505.8 A/cm?. Thus, the

cross-section area of the conductor for the primary winding is 0.31 mm?. HF45 x 0.1

mm litz wires were selected for space considerations and the DC resistance is 0.049
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Secondary Primary
windings o\/)V'i/ndings
oo ?{
000000 é%og/ é
7000000000074 Bobbin W

ETD39 core

N

Fig. 3.4  Structure of designed gapped transformer with ETD39 core set

Q/m at 20 °C. With the same calculation method, the cross-sectional area of the
conductor for each secondary winding is 1.6 mm?. The 3 parallel litz wires of HF30 x

0.15 mm meet this requirement. The total dc resistance is 0.011 Q/m at 20 °C.

The magnetic core, gap length and windings were all determined through the
calculation equations proposed in Section 3.2. In order to minimize the high frequency
winding loss and the leakage inductance of the transformer, the primary winding and

secondary windings are interleaved. The configuration is shown in Fig. 3.4.

3.4.3 Magnetizing Inductance Due to Gap Effect

Due to the gap placed in the core, the magnetizing inductance is calculated considering
the fringing field around the gap. For the selected ETD39 core, the magnetizing
inductance will be increased due to the fringing flux around the gap. The factor for the
inductance variation caused by the fringing effect is calculated based on (3.13) and the

result is

f

T P (3.28)

Based on the chosen number of turns for the primary winding and the gap length, the

magnetizing inductance is finally calculated to be 434 pH which is acceptable. The
original specification called for 420 pH.
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3.4.4 Lossesinthe Gapped Transformer

For the designed gapped transformer, the value of Bnax based on (3.1) is 0.092 T
which is in the allowable range for the magnetic material. The core loss based on iGSE
calculation method is P, = 1.389 W based on (3.16). Combing the DC resistances of
windings and the rms values of currents through windings, the DC winding loss can

be calculated as

Ry ac = 35><(60.8><10_3)><0.049><[1+0.00393><(90—20)] =0.132 Q,

R gc =4%(60.8x1077)x0.011x[1+0.00393x(90-20)]=0.003 Q, (3.29)

Pcuidc = Rpidclr%rms +2Rslidc15217rms =0.763 W.

For the assembly of windings in the gapped transformer, the litz wires are implemented.
As the skin depth at 105 kHz is 0.204 mm which is much larger than the diameter of

litz wire, the extra AC winding loss due to high frequency effects may be neglected.

The total loss of the gapped transformer is given by
Pirato = Pe+ Pey 4c =2.152 W. (3.30)

Thus, the calculated temperature rise of the transformer is 37.6 °C which is smaller

than the specified allowed value of 50 °C.

3.45 ParametersVerification

The assumed parameters applied during the design process must be verified including

ky and ~ . Based on the selected windings and designed transformer, we have

) 35><(3.53><10—7)+2><4><(1.59><1o—6)
- 1.77%107*

b =0.142, (3.31)

_ Ptrafo - Pcuidc
r)/ - -

=1.82. 3.32
Pcu_dc ( )

These values are close to the initially assumed values which were applied to calculate
A, . Thus, the design of the gapped transformer is complete and the associated

experiments should be carried out to verify the performance of the transformer.
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3.5 Experimental Results of the Gapped Conventional

Transformer

The gapped transformer based on the design results has been built to verify the
presented methodology. The transformer is operated in the 240 W LLC resonant
converter. The photo of the prototype is shown in Fig. 2.13 in Chapter 2. This is an
entire power supply which consists of LLC converter and front-end power factor
correction (PFC) converter. As mentioned in Chapter 2, the efficiency of the power

converter at different load conditions was measured.

The temperature rise of the designed gapped conventional transformer under steady
state operation is 31.8 °C. The power loss of the gapped transformer is 1.8 W. The
experimental results show that the proposed design methodology for the gapped
conventional transformer in LLC resonant converter works according to the design

specifications.

3.6 Conclusions

This chapter distinguishes the design methodology for the gapped transformer in the
LLC resonant converter from the traditional approach. In the design of the transformer,
several significant aspects have been considered including the analysis of the role for
each current across the transformer, the multiple windings optimization method, and
the power loss with high frequency effects involved. The detailed design methodology
and equations were presented. The gapped conventional transformer for a 240 W, 105
kHz LLC resonant converter has been designed based on the proposed method. The
experimental results for the resonant converter and the transformer verified the design
process. For future work a more detailed investigation of the fringing effect in the

winding loss should be carried out.
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A

Par asitic Parametersin

Conventional Transformers

For the transformer, the leakage inductance has an essential role in the circuit
operation, especially for the LLC resonant converter. The calculation of the leakage
inductance of the transformer operated at high frequency will be presented in this
chapter. The results for different interleaving winding structures of the transformer
will also be discussed. On the other hand, the stray capacitance appearing between
different windings can cause serious problems for the power switching circuit. The
calculation of stray capacitances for a practical transformer has been completed in this

chapter.

4.1. Leakagelnductanceat High Frequency

Due to the deficient coupling between windings in the transformer, the magnetic flux
could leak through the window area of the magnetic core. Leakage inductance is
introduced to evaluate the value of the leakage flux. In circuits applied in switching
mode power supplies, leakage inductance plays a critical function as mentioned in
Section 1.2.3. The leakage inductance will not only limit the rate of switching current
variation through the switching device, but also cause voltage spikes across the
switches owing to the energy stored in the leakage inductance. In general, limitations

including the increased switching loss, reduced the power efficiency and
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electromagnetic interference (EMI) have been discussed [193]-[196]. With the help of
new devices, such as Gallium Nitride (GaN) switches, the switching frequency is
heading towards the mega-Hertz range and the size of the magnetic components can
be reduced. Consequently, the leakage inductance of the transformer operated at high
frequency should be accurately predicted for the circuit design applied in the switching
mode power supply. The leakage inductance is especially significant for resonant

converters to accurately predict the resonant frequency [189], [197].

The investigations of leakage inductances both in conventional and planar
transformers have been carried out in many research papers including the analysis and
the calculation methodologies [86], [148], [153], [198]-[200]. In [86], Dowell pointed
out that the leakage inductance is frequency-dependent and the formula for the leakage
inductance was presented. For different winding interleaving methods in the
transformer, the effect of winding configurations on the leakage inductance was not
discussed. Nevertheless, most of these papers focused on the leakage inductance
calculations for different core types, including toroidal cores, EE core or planar cores,
at relatively low frequency and the high frequency effects were ignored. These
proposed formulas were frequency independent and basically derived assuming
uniform current distribution in the conductor. According to eddy current effect at high
frequency operation, the current gravitates towards the surface of conductors.
Consequently, the excitation current distribution is non-uniform. This is better

explained by a particular example.

As shown in Fig. 4.1, two windings sitting inside the window area of one EE core are
represented by P and S, where P is the primary winding and S is the secondary winding.
Assuming the primary winding carries an AC current with the reference direction
flowing into the plane, is part of the generated flux leaks through the magnetic core
and the window area, and this flux has no link with the secondary winding. If the
secondary winding is shorted, the main flux in the magnetic core linking both windings
1s negligible because the magneto-motive force (MMF) of the primary side and
secondary side will cancel. Thus, it is only the leakage flux that appears as shown in
the figure. The leakage flux in the transformer is mainly through the window area

including the conduction area and the insulation area between windings.
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)
HI@

Fig. 4.1 Leakage flux distributed in the transformer with half-core demonstrated

In order to analysis and derive the analytical formula for leakage inductance, we

assume that:

(1) The magnetic core is ideal which means the permeability of the core material is

infinite. This will guarantee the magnetic field intensity inside the core is zero.

(2) The height of windings (represented by h.,, ) is close to the height of core window
and the height of core window is much larger than the width of the window. Under

this condition, the edge effect for windings can be ignored.

In consequence, the leakage flux in the window area is approximated to be parallel
with the conductor surfaces. With the skin effect and proximity effect considered for
excitations at high frequency, the current distribution in winding conductors will be
non-uniform. Fig. 4.2 shows the MMF curves in the window area along the z axis for
both low frequency and high frequency. It is clear that the area of the MMF curve at
high frequency is smaller than that at low frequency, in which the current density is

uniformly distributed in the conductor. Thus, the stored magnetic
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Fig.4.2 MMF curve along x axis at low and high frequencies

symmetric

Core

(n-1)Hy,

nH()p
T/E’(m) T/g(:con)
I

P

Fig. 4.3 Transformer cross section and magnetic field boundary in generalized n layer
field energy by the leakage inductance is reduced with high frequency operation. In

an attempt to obtain the accurate value of leakage inductance at different frequencies,

the following section will present the detailed calculations.
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4.2. Frequency Dependent L eakage Inductance Analysis

With the assumptions made in Section 4.1, the 1-D analytical method can be employed

to solve the magnetic field in the transformer, as shown in Fig. 4.3. The currents
through the primary winding and the secondary winding are I, and I, respectively.

For linear homogeneous isotropic medium, Maxwell’s equations are given for a

magnetquasistatic system by

0H
VXE =—pog—, 4.1
Ho—~ 4.1)
VxH =cE. (4.2)

In Cartesian coordinates shown in Fig. 4.3, the magnetic field can be easily solved and
the derivation is partly referred to the calculations presented in [115]. The following
identities will apply to the electric field intensity £ and magnetic field intensity H

in the conductor because of the symmetry,

B, =0, =0, 2Er_g (4.3)
dz

H,=0, H,=0, OH. _. (4.4)
dy

For the steady state analysis, the equations can be written in phasor form as following

because F and H contain only y and z components, respectively.

dE,
dx

=—jwoH ., 4.5)

dH,
dzx

=oE,. (4.6)

Combing (4.5) and (4.6), the one-dimensional diffusion equation will be yielded as,

d*H,
dz?

= jw oo H . (4.7)

The general solution of the equation is given by

H.(z)=H(z)= A + A, (4.8)
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where A; and A, are complex constants determined by boundary conditions, and the

complex propagation constant A is defined as

- 1+
A =4/ Jjwpoo = J , (4.9)

bo

where 0y is the skin depth defined in (1.1).

Based on the structure shown in Fig. 4.3 and invoking Ampere’s law, the inner and

outer boundary conditions of H for the n'™ layer will be obtained,

H (zin)=(n—-1)Hop, (4.10)
H (20n)=nHop, @.11)

where i, and ., are distances from the inner surface and outer surface of the n'"
layer to the inner surface of the innermost layer, respectively. Ho, is the magnetic

field intensity of the outer surface of the innermost layer and given by

mplp

P

Hop = , (4.12)

where m,, is the number of turns in each layer of the primary winding. Substituting

(4.10) and (4.11) into (4.8), A; and A, are derived by

e—/\fti,,, _ (n _ 1) 6—)\l’un

2sinh (\tp)

A1:H0pn , (4.13)

(n —1)6/\$°" —netn

Ay=H
2T asinh (At

, (4.14)

where ¢, is the conductor thickness of the primary winding and t, = Zon —Zin .
Introducing (4.13) and (4.14) into (4.8), the H field inside the n'" layer of the

primary winding along z axis is obtained as

nsinh(Az)+(n—1)sinh[A(t, —z)]
sinh ()

H(z)=Ho, , (4.15)
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with 0<2<t, and z starts at the inner surface of the n™ layer which means the

reference coordination is different from the coordination shown in Fig. 4.3 where the

original point of z axis is at the middle of centre leg. The displacement of the

reference coordination in (4.15) is zi, for the n™ layer.

Referring to the calculations given in [115] based on the Poynting vector, the magnetic

field energy stored in the n'™ primary layer is calculated by

+2n(n—1) sinhA+sinA L(4.16)
coshA+cosA

uozw(mpfp)25 sinh(2A)—sin(24)
= 0

E,,
P 8hw cosh(2A)—cos(24A)

where [y, is the length of each layer, 0y is the skin depth and A is defined as
=2 (4.17)

The total magnetic field energy stored in the primary winding is obtained by

[ sinh(2A)—-sin(24)

E,= iE _ Molwtpny (mp]p)2 cosh(24)-cos(24) (4.18)
P pn = , '
8hwA 2(n§ —1) sinhA+sinA

3 coshA+cosA |

n=1

where n, is the number of layers in the primary winding and the total number of turns

in the primary winding is N, =n,m, . In a similar way, the total magnetic field energy

stored in the conductors of secondary windings is given by

[ sinh (2A)—sin(24)

: _iE ) prolwtsns (msIs)? | cosh(2A)—cos(2A) 4.19)
8hwA 2(7152—1) sinhA+sinA

3 coshA+cosA |

n=1

where ns and ¢, are the number of turns in each secondary layer and the conductor

thickness of the secondary winding, respectively.

On the other hand, the magnetic field energy stored in the insulation between two

adjacent layers should be considered. The H field in the insulation layer maintains a
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constant value equal to the strength at the conductor outer surface. For instance, the
. : : . : h
magnetic field intensity of the insulation layer between '™ and (n+ 1)t layer of the

primary winding is nH o, . The total magnetic field energy stored in the insulations is

calculated by

n=1
) (4.20)
+

Np ns—1
Ems=§,uol wh tlnsLHOpzn +HOSZn j
)
2

_ prolwting | 0 (np +1)(2np+1)(mplp
12hy ns(ns—l)(Zns—l)(msIs)

where tiys is the insulation thickness between two adjacent layers and it is assumed to

be identical for all insulations in the transformer.

Finally, the total leakage inductance of the transformer referred to the primary side is

derived as

2(E,+E; +Ems)

Li = 12

(4.21)

Assuming the number of turns in each conductor layer is mp=ms =1 and the
thickness of all conductors is the same as ¢s =t , the total leakage inductance referred

to the primary side calculated by (4.21) is given by

polwny (1+a)

L =
Ik 12h,

[é%AA+2%(ln§—QEﬁ+ﬂam(zngﬁq},(422
a a
with

1 sinh(2A)-sin(2A)
Ay =—

A cosh(2A)—cos(2A) (423)

3

_l sinhA+sinA
A coshA+cosA’

(4.24)

where a is the turns ratio of the primary winding to the secondary winding.
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Fig. 4.4 Calculated leakage inductances versus frequencies for different conductor thicknesses

Calculations for leakage inductance at different frequencies have been carried out
based on ETD39 core. The number of primary turns is fixed to be N, =4 and the
turns ratio is a=1. The thickness of conductors in the primary and secondary

windings is selected to vary as five values, ¢, = 0.05 mm, 0.1 mm, 0.2 mm, 0.5 mm,
1 mm. The height of windings is hw =26 mm . The length of windings is
lw =62.8 mm. The insulation thickness is fixed as #,s =0.1 mm for different cases.

The frequency range is selected from 1 Hz to 1 MHz.

Fig. 4.4 shows the curves of leakage inductances versus frequencies and conductor
thicknesses. The leakage inductances at 1 Hz are applied to normalize the calculated
results. In each case, the leakage inductance of the transformer reduces along with
higher frequency. For the thicker conductor, the leakage inductance diminution will
be more evident at relatively lower frequency. Considering high frequency effects on

the winding loss and leakage inductance, the thinner conductor is preferred as expected.

The above calculation is based on the winding structure with no interleaving, in which
the primary layers and secondary layers are placed totally separated from each other.
In practical applications, the interleaved configuration of the primary winding and

secondary winding is commonly used to reduce the winding loss due to proximity
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Fig. 4.5 Full interleaved winding configuration and the winding portion

effect. Thus, the high frequency leakage inductance should be investigated for

interleaved windings and the following section will mainly focus on this issue.

4.3. Leakagelnductancewith Interleaving Windings

The interleaving windings can be divided into several winding portions depending on
interleaving level. In one winding portion, the primary winding and secondary
winding are both included with no interleaving. Supposing the number of winding
portions is represented by 7, . For the winding arrangement in Fig. 4.3, ny, =1. The
formula of leakage inductance calculation presented as (4.22) can be applied in each

winding portion with the number of layers, n,, replaced by the number of layers in

one portion, 7pp .

Fig. 4.5 demonstrates the winding configuration with interleaving and the number of
winding potions is 2. In each potion, there are one primary layer and one secondary
layer. This kind of interleaving structure is named the full interleaved winding
configuration. The other interleaving windings in which the number of primary or

secondary layers more than one in each potion is called partially interleaved winding
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configuration. The MMF distribution along the window width of low frequency and
high frequency is presented in Fig. 4.5. The H field inside the primary conductor in
whichever portion can be obtained by (4.15) with n =1,

sinh(Az)

H(z)=Hop 0 20).
(@)= Ho S on(ney)

(4.25)

The leakage inductance in each portion of the full interleaved winding configuration

can be found from (4.22) with n, =1 and a =1,

lw
Likpp = gZ—(tPAA +2tins ). (4.26)

w

The total leakage inductance for the interleaved winding with m, =m, =1 is obtained
by

Lik = nwpLikpp = ’“;Lﬂ(tPAA +2tins ). (4.27)

w

For partially interleaved windings, the similar calculation principle can be employed.
The associated simulations and experimental verifications for different kinds of

interleaved structures will be described next.

4.4. Experimental Verificationsfor High Frequency

L eakage I nductance

4.4.1 Simulationsand Measurementsof L eakage I nductances

The experiments were carried out on the magnetic core ETD39. The results including
calculations, FEA simulations and measurements are comprehensively compared. The

parameters for the objective transformer are listed in Table 4.1.

Fig. 4.6 presents the H field distribution along the winding width direction for the
winding configuration with no interleaving. At low frequency (around 100 kHz), the
H field almost linearly distributes inside the conductor as expected. With the
increasing frequency, the current due to the high frequency eddy current effect flows

at the surface of the conductors and it causes distribution of H field to be non-
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TABLE 4.1 PARAMETERS OF THE TRANSFORMER FOR VERIFICATIONS
Parameters Symbols Values
Number of turns in primary winding N, 6
Turns ratio a 1
Conductor thickness of primary winding tp 0.2 mm
Conductor thickness of secondary winding ts 0.2 mm
Thickness of insulation layers Lins 0.25 mm
Magnetic core ETD 39
Core material Ferrite N87
Height of the core window area or windings I 26 mm
MLT of windings lw 62.8 mm
250
1 100kHz
E 200 \"" 300kHz
< : |
"Q_, B
5o i
9 ]
° ]
= 100 —
2 1
46 -
)] .
ch i
S 50
0 . ; ; .
0 1.25 2.5 3.75 5

Distance along the core window width x (mm)

Fig. 4.6 FEA simulations of H field along the winding width direction

uniformly as shown. With more layers in the winding, the curve of the H field appears

as “concave shape” and the shape becomes more concave because the proximity effect

concentrates the current concentrating on the conductor surface. The leakage

inductance at higher frequency is smaller than the value at low frequency.
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Fig. 4.7 Leakage inductance measured by HP-4294A
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Fig. 4.8 Comparisons of calculated, FEA simulated and measured leakage inductance at different

frequencies

The measurement results of leakage inductances and AC resistances versus different
frequencies were carried out using the precision impedance analyser HP-4294A. The
secondary winding of the transformer under test is shorted and the leakage inductance
was measured at the primary side. One of measured results is shown in Fig. 4.7. It is

obvious that the leakage inductance decreases with increasing frequency. The leakage
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inductance at 300 kHz is 188 nH and the value is 134 nH at 2 MHz. Actually, the

leakage inductance approximately reduces by 29%.

The leakage inductance calculated based on the proposed formula was compared with
FEA simulations and the measurement results. The FEA simulations were carried out
by Ansoft Maxwell. The comparisons in a wide range of frequencies (from 300 kHz
to 2 MHz) are presented in Fig. 4.8. The results demonstrate the overall agreement

between calculated, FEA simulated and experimental results.

4.4.2 Leakagelnductancesof Different Interleaved Configurations

Interleaving of windings can eliminate the high frequency winding loss due to the
weakened proximity effect. According to the presented calculation method, it is
possible to evaluate the leakage inductances of transformers with different interleaved
configurations. Basically, four cases of the winding structures were studied and they

are shown in Fig. 4.9.

Case-A is the non-interleaved winding configuration. The primary winding and
secondary wingding are placed totally separated from each other and this structure
only has one portion which consists of 6 primary layers and 6 secondary layers. Case-
B shows partially interleaved windings and 3 portions can be found in this transformer.
Each portion includes 2 layers of primary conductors and 2 layers of secondary
conductors. Case-C and Case-D present two fully interleaved winding configurations
and both of them have 6 portions. Single primary layer and single secondary layer are

included in one portion.

The calculated and simulated results of leakage inductances at 1 MHz are listed in
Table 4.2. Obviously, the leakage inductance of interleaved windings is reduced

significantly compared to the non-interleaved structure as predicted.

84



CHAPTER 4. PARASITIC PARAMETERS IN CONVENTIONAL TRANSFORMERS

I I
: Core Portion : Core Portion
| 4 \/ Y \
! !
! !
! !
: PPPPPP : PP PP PP
I QPP I eeBBeeREe®
I I
i i
i i
i i
i i
i i
i i
i i
i i
Case-A Case-B
! !
: Core Portion : Core Pottion
| |
! !
! !
I I
i i
i i
i i
i i
i i
i i
i i
i i
i i
i i
i i
i i
Case-C Case-D

Fig. 4.9 Four transformer configurations with different interleaved windings

Table 4.3 lists the measurement results of leakage inductance at 10 Hz and 1 MHz for
different cases. It is the non-interleaved case that has the most pronounced reduction
of leakage inductance with increasing frequency. With more winding layers in one
portion of non-interleaved winding configuration, the stronger proximity effect will

force more H field distributed in the outer surface of the conductors.

The simulated results of leakage energy stored in the window area and MMF
distribution for different cases are given in Fig. 4.10. As expected, the leakage energy

shown in Case-D is dramatically reduced.

85



CHAPTER 4. PARASITIC PARAMETERS IN CONVENTIONAL TRANSFORMERS

TABLE 4.2 CALCULATED AND SIMULATED RESULTS OF LEAKAGE INDUCTANCES FOR FOUR

DIFFERENT WINDING CONFIGURATIONS

Cases Leakage inductance ( Ly ) Calculated FEA simulated Measured
lw
Case-A 120 (3tpAn +T70tpBa +146tins ) 127 nH 140.8 nH 138 nH
Ly
Case-B L2 (3t Ay +6t, Ba +18tin,) 15.6 nH 17.3 nH 17.3 nH
3MOlw
Case-C (tpAa +2ting ) 5.16 nH 5.74 nH 5.72 nH
3,UOZW
Case-D (tpAa +2ting ) 5.16 nH 5.71 nH 5.71 nH
TABLE 4.3 MEASURED LEAKAGE INDUCTANCES AT 10 HZ AND 1 MHZ
Cases Leakage inductance (10 Hz)  Leakage inductance (1 MHz) Reduction
Case-A 216 nH 138 nH 36%
Case-B 23 nH 17.3 nH 25%
Case-D 6.88 nH 5.71 nH 17%

Leakage ennegy

High

V/

Low Case-A Case-B Case-D

Fig. 4.10 FEA simulations results of H field in the window area
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45. Stray Capacitancesin the Conventional Transfor mer

In the wire wound transformer, the stray capacitances will appear between adjacent
conductors in one layer and conductors in different adjacent layers if the capacitance
between the winding and the magnetic core and the capacitance between the winding
and the shield screen are ignored. Taking the transformer applied in the LLC resonant
converter for example, the stray capacitance will be modelled based on the specific

winding configuration as shown in Fig. 4.11.

The primary winding has two layers and two secondary windings are interleaved with

the primary layers. The magnetic core is ETD 39. The diameters of the primary and

secondary wires are 0.8 mm and 1.2 mm, respectively. There are n, =18 turns and

ns =12 turns in each primary layer and secondary layer, respectively. The other
dimensions are labelled in Fig. 4.11(b). In order to clearly demonstrate the
constructions of the transformer windings, the proportion of Fig. 4.11 (b) is not to the

scale.

First of all, the equivalent relative permittivity of the air and insulation kapton tape
between each two layers should be worked out. With the relative permittivity of kapton
tape of €, =3.8, the equivalent relative permittivity between the primary and the
secondary layers is calculated by

_ Er (dinl +dair)

Eps = =2.235. 4.28
b din1+5rdair ( )

The equivalent relative permittivity between two secondary layers is

_ Er (din2 +dair)

=1.583. (4.29)
din2 + €rdair

€SS

The relative permittivity of wire insulation between two adjacent turns in the same
layer is €in =2 . The parallel plate capacitor model will be applied to calculate the

capacitance, since the radius of curvature is quite large.
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(b) Dimensions of the transformer windings and insulations
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(c) Winding connections and stray capacitance distribution

Fig. 4.11 Winding configuration and dimensions of the studied wire wound transformer
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The height of each winding is calculated by
hpri =npDp =14.4 mm, hgec =nsDs=14.4 mm. (4.30)

The inner and outer radii of each cylindrical layer are given as:

Layer P M =7.55 mm oM =8.35 mm
Layer S 5 =8.45 mm R3'=9.65 mm
Layer Sz RiA =9.7 mm R&'=10.9 mm
Layer P> % =11 mm ' =11.8 mm

The distances between two successive turns for the primary and secondary windings

arc

dip :M+Dp =0.953 mm, di=

np—1 ns—1

e Z0Ds 1 436 mm, (4.31)

where hy. is the height of the core window. The effective distances between two

adjacent layers are calculated by

1 Ds + din1 +dair _2-3Dp +O.26dtp +
dps =3 ) 32D =2.606x10"* mm,
Ds +din1 + dair —— - +0.26ds (4.32)
dss = Ds +din2 + dair _2.3D; +0.26ds =2.435%x107* mm.

The effective distances between adjacent turns in the same layer of primary and

secondary windings are obtained by

fowe Znp Dy —2'32D" +0.26d:, =2.807x107 mm

de =Dp+
np—1

frwe =nsDs —Q'ZDS +0.26d, =4.298x10™" mm

(4.33)
dLS =D+

ns—1

Consequently, the capacitance between layer P1 and Sa and the capacitance between

two adjacent turns in layer Pi are calculated by
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E0EpsT RO}U"'Rsig h ri
Coa =— ( pd )l ~57.69 pF
o (4.34)
5051n7r(Rf,11‘ - RS{”)DP
Cp1 = =2.52 pF

Based on the same calculation method, we obtained Co, =50.38 pF ,

Coc =50.38 pF,and Csa =2.81 pF, Cy3=3.20 pF, Cp =3.61 pF.

In order to obtain the comprehensive stray capacitance model, the capacitances
distributed in the transformer with three windings and five terminals shown in Fig.
4.12 are required. Supposing the supplied voltages of the transformer windings are

presented as shown in the figure, the stored electrical field energy can be calculated
by
C\Vi2+CaVi +C3Vi+C4 (Vs +V3)2 +CsVi+
WE=% Co(Vi=Va=V3—Va) +C7 (Vs +Vi)’ + . (4.35)
Cs (Vl -V; —V4)2 +Cy (Vz +V; -I‘V4)2 +Cho (V1 —V4)2

Fig. 4.13 shows the voltage distribution on each winding. The voltage level at point

Py is assumed to be zero and then we have

Vpa:VI, Vpb:Oa VPC:0-5V1, (436)
Vsa:V2 +V3 +V4, VSb:V4; VSC:V3+V4' '
The voltage at position z on each layer is
z Vi
Voa(z)=(1+ —
pa(2) = ( hpri) 5
Vea(2) = V3 + Vi +——V,
e (4.37)
Van(2) = Vs + Vi = ——V;
x V]
V =(1- —
pb(2) = ( hpri) 5
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Fig. 4.13 Voltage distributed on the windings
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For the area between layer P1 and Sg, The electrical field energy is

]_O a h’P"i 2
Wpsl=5h:ri jo [V (2) = Vpi(2)] da. (4.38)
Thus,
1 Vi) Vi i) 1 Vi)
Wesi ==Coa| | V3+Va——| =| V3 +Vi—— || Vi+— [+—-| V3+—| |. (439
p120|:(3 42j(342J(32j3(32j}( )

According to the same principle, we can get

Wi =100 B(vz 7 )ﬂ, (4.40)

1 V) 1% Vi) o1 Vi)’
Woso ==Coc| | V3+Va——| +| V3+Vi—— || Vo+— |+=| V2 +—| |..(4.41
ps2 2 0|:( 3 4 2) (3 4 2]( 2 2) 3( 2 2)] ( )

The energies stored inside the self-capacitances of each layer are

2 2
17 1 11 1
Wy =—0C —V s Wsa :_Csa —V 5
pl 9 pl( lj (11 2)

4 2
11 ? 2 17 1Y (342
W =-—Cw| —Vs| . W=l —v | .
b 9 b(ll 3) p2 9 p2(34 lj

Combining these equations, each capacitance shown in Fig. 4.12 can be obtained and

the values are

C,=-22.1pF, C,=-12.41pF, C3=-9.47 pF,
C4=16.79 pF, Cs=4.81pF, C¢=6.27 pF, C;=34.69 pF, (4.43)
Cs=31.77 pF, Co=31.34 pF, C1o=24.04 pF.

The simulation model for the LLC resonant converter with stray capacitors distributed
in the transformer considered using PSIM. The simulated results show that the

operation of the LLC resonant converter works well.

Based on the distributed stray capacitance model, the calculated capacitance between

terminals Pa and Sa will be Cpasa =132.90pF with the other terminals open circuit.
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(a) Simulated winding configuration (b) Electrical field

Fig. 4.14 Simulation model for the capacitor across P, and S,

The simulation has been carried out, as shown in Fig. 4.14 using Ansoft Maxwell. The
simulation results is Cpasa =112.18pF . The capacitance across terminals Pa and Sa

was measured by the impedance analyser of Agilent 4395A with the other terminals
open circuit and the test result is 119.63 pF which means the stray capacitance model

is valid.

4.6. Conclusons

The high frequency operation of the transformer will cause a reduction in leakage
inductance due to the eddy current effect. Based on the analysis, the proximity effect
between adjacent layers exacerbates the reduction of leakage inductance. The formula
for predicting the leakage inductance at high frequency was proposed in this chapter
and the leakage inductances of different interleaving winding configurations were
discussed. FEA simulation and measurement show good agreement with the
predictions. On the other hand, the stray capacitance was modelled for the wire wound
transformer and the detailed calculation process based on the transformer applied in
LLC resonant converter has been carried out. The method was validated by both the
simulation and measurements. The corresponding analysis for planar transformer will

be considered in Chapter 5.
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5

Analysisand Modelling of Planar

Transformers

The planar transformer is now widely used in the converters for the low profile,
automated manufacturing, high power density and consistently predictable parameters.
For the planar core, the manufacturers have released lots of commercial products.
Basically, planar cores have rectangular or circular cross section of the centre leg. On
the other hand, planar windings implemented by PCB and copper foils are extensively
employed in magnetic components for power supplies applications. The associated
winding loss evaluation considering the high frequency effect is noteworthy for the
planar transformer design. Meanwhile, the excitation currents in the primary winding
and secondary winding of the transformer might not be in phase. The accurate
prediction of winding loss with phase-shifted excitations should be investigated.
Because the footprint of the planar transformer is bigger than the conventional
transformer and the overlapping area of windings might be large, the stray capacitance
of the planar transformer needs further discussion. For the advantage of implementing
planar transformer windings under accurate control, the leakage inductance can be
implemented. Consequently, the series inductor connected with the transformer in the
circuit, for instance, the LLC resonant converter, can be integrated with the planar
transformer by enhanced leakage inductance. In this chapter, all these issues of great

concern will be covered.
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TABLE 5.1 VOLUMES AND THERMAL RESISTANCES OF PLANAR CORES
Core Volume (mm?) Thermal resistance (°C/W)

EELP14 296 105
EELPI18 955 56
EELP22 2540 35
EELP32 5390 24
EELP38 10200 18
EELP43 13748 15
EELP58 25000 11
EELP64 41500 9
ER9.5/5 120 164
ERI11/5 174 134
ER14.5/6 333 99

51 Planar Cores

Commercial planar cores include planar EE or EI cores, planar ER cores and other low
profile versions of standard cores such as RM, PQ and port cores. The most commonly
applied planar cores are planar EE and ER cores listed in Appendix A and their shapes
are shown in Fig. A.1. The thermal resistances of planar cores are provided by the
manufacturer and listed in Table 5.1. According to data fitting, as illustrated in Fig.

5.1, the thermal resistance of the planar transformer related to the volume is given by

R, = 0.056 65.0)

Jve

where V. is the planar core volume in unit of m>.

Due to the different cross-sectional shapes in Planar EE and ER cores, the winding
configuration will vary. Fig. 5.2 shows the two winding configurations assembled with
planar EE and ER cores, respectively. Assuming the two cores have exactly the same

size which means the length and the width are identical as shown in the figure, the
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Fig. 5.1 Data fitting of thermal resistances versus planar core volume
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Fig. 5.2 Winding configurations assembled with planar EE and ER cores

diameter of the centre leg in the ER core will be related to the width of the centre leg
in the EE core by

de=2 , (5.2)
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where the symbols are shown in Fig. 5.2. The DC resistances and associated DC power

losses of two winding configurations will be calculated as follows.

In the planar EE core, the conducting length of the segment at position z is obtained

by

lwra :2wc+ﬂ(§+xj. (5.3)

Assuming the DC voltage across two terminals is Vg, and the conductor thickness is

t , the planar winding loss is given by

d 2 2
- bV\'l’
- 5 Pwlwre TPw wd + 2w,
With the same principle, the winding loss for the planar ER core is obtained as
(5]
lWC.”L' = wc + T _+ .’L‘ )
2
de P 9 (5.5)
- bwc
Pcu .= J‘dQ + Vdct dx — Vdct 1n|:7Tdc +7wac + wc :|.
- ?C ,Owlwcrc T Pw mde +we
Due to the same length of planar EE and ER cores, we have
i-i-bwr:_c‘l‘bwc- (5.6)
2 2

In order to compare winding losses of planar EE core and ER cores, the normalized

difference is defined as

P cu_r - P cu_c
E=—=—. 5.7
Pcu_r ( )
According to the dimensions of typical planar EE cores listed in the Appendix A, the
calculation results of ¢ is shown in Fig. 5.3. It is indicated that the DC resistance of

windings implemented in the planar ER core is much less than planar EE cores.

Besides, the total footprint of planar ER core and winding is smaller.
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Fig. 5.3 Differences between winding losses of planar EE and ER cores

In practice, the selection of planar core shapes will take other factors into account,
such as the assembly with PCB boards and cooling conditions, which means the planar
ER cores are not always the prime choices other than planar EE cores. Referring to
[201], the author found that the high frequency winding loss with ER core is bigger
than EE core under the specific stated conditions. Consequently, the selection of planar

core shapes needs comprehensive consideration.

5.2 Winding LossModelling of Planar Transformers

For the planar windings implemented by PCB copper tracks or copper foils, the
winding configuration will differ from conventional ones. The planar winding
generally has quite a big ratio of conductor width to thickness. Depending on the
symmetrical characteristics, planar windings can be divided into strip conductors
(based on the Cartesian coordinate system) and circular conductors (based on the Polar

coordinate system), as shown in Fig. 5.4.

For the strip conductor, the current density distribution is uniform with low frequency
excitation. The current density in the conductor will vary at high frequency due to
eddy current effects. Nevertheless, the current density within the circular conductor is

naturally non-uniform because the shorter path at the inner side of the conducting
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Fig. 5.4  Planar windings for strip conductors and circular conductors

section signifies lower resistance and the current density is therefore higher in the inner

side than the outer side with DC excitation. The current distribution at higher

frequency would be more complex.

5.2.1 WindingLossfor Strip Conductors

As shown in Fig. 5.4(a), Dowell’s equation can be applied to obtain the high frequency

winding loss with 1-D assumption for the magnetic field in the window area. However,

the width of strip conductors w,, is practically smaller than the width of core window

bw . In some situations, a few turns will be implemented in one layer. The equivalent

methodology proposed in [84] and [86] can be introduced to transfer the narrow strip

conductor to the conductor filling the full window width. Fig. 5.5 illustrates the details

of the equivalent transformation.
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Fig. 5.5 Equivalent transformation for narrow strip conductor

The porosity factors are employed in the transformation process and defined as

NLW w
77=2 ; (5.8)

where ni and w, are the number of turns per layer and the width of narrower

conductor shown in the figure, respectively. The equivalent conductivity is defined as
o’ =no. (5.9)

A series of simulations have been carried out for strip conductors with different widths
and configurations. The thickness of conductors is fixed as 0.2 mm and the simulated
frequencies of excitations are 100 kHz and 1 MHz. The selected planar core is EELP
64/10/50 and the window width is 21.8 mm. The winding length is 101.6 mm. The
number of layers in the primary and secondary windings are both 2. The primary
winding and secondary winding are non-interleaved. The insulation thickness between
two layers is 0.1 mm. The number of turns in each layer is 1 and the values of porosity
factors are assigned from 1 to 0.5. The simulated and calculated results of the ratio for
the AC resistance R, to the DC resistance R4. by Dowell’s method are presented in

Fig. 5.6.

It is illustrated that the calculation through porosity factor transformation method is
accurate enough for high filling value. However, the calculated result will lead to big
error when the conductor width is much shorter than the window width. The actual
AC winding resistance is bigger than predicted value because the edge effect increases

the losses due to the existence of vertical H field parallel to the conductor edge. In
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Fig. 5.6  Simulated and calculated results of Rac / Rqc for strip conductors

particular, more conductor is allocated in the window area for the reduced DC
resistance. Basically, the transformation method can be applied if the porosity factor
is above 0.8. Otherwise, the FEA simulation tool is suggested to evaluate the accurate

AC winding loss.

5.2.2 Winding Lossfor Circular Conductors

If circular conductors are applied in the planar transformer, the wide and flat circular
winding will perform differently compared to the conventional transformer. The polar
coordination system is introduced to solve the field problem for this situation, as
shown in Fig. 5.4(b). As the current flowing path at the inner side of the circular
conductor is shorter than the outer side, the current density distribution will be non-

uniform and related to the radius. The cross section of the circular conductor and the

boundary conditions of the n'" primary layer applied in the following calculations is
illustrated in Fig. 5.7. For a segment of drxt in the conductor, it is reasonable to
assume that the current flowing in the segment has an inverse relationship with r and

it is given by
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Fig. 5.7 Boundary conditions of the n™ primary layer

ItJ(r,z)dz K (5.10)

0 T

where K is a constant. Supposing the total current flowing the primary winding is I,

the current density is integrated along the whole conductor will attain
[" I;J(r,t)dzdrzlp. (5.11)

Therefore, the current in the segment is calculated by

I
(%)
rln
R;

The detailed derivation of the copper loss for planar circular conductors in the primary

I;J(r,t)dz - (5.12)

winding is given in Appendix D and the formula is presented as

R 2T pwnp

acp = 5~
tln(Roj
R;

- Fri, (5.13)

with

3 sinh(2A)+sin(2A) Q(ng —1) sinh(A)—sin(A)
Fri=4 cosh(2A)—cos(2A)+ 3 cosh(A)+cos(A) (5.14)

and
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A=—, 5.15
5 (5.15)

where n, is the total number of layers in the primary winding and 9y is the skin depth.

For the interleaving of the primary and second windings, the value of n, in (5.14) will

be replaced by the number of layers in one winding portion with n, =n,, , as

described in Chapter 4.

FEA simulations for several winding configurations have been carried out to verify
the calculation results of (5.13). The planar core EER 41/7.6/32 is applied to complete
the simulations. There are two layers of planar circular conductors in both the primary
and secondary windings. The non-interleaved and interleaved winding configurations
are simulated for different conductor thicknesses with varied frequencies of
excitations. Fig. 5.8 shows the calculated and simulated total AC winding resistances
for non-interleaved and interleaved winding configurations. The frequency is varied
from 1 Hz to 1 MHz. The conductor thicknesses are assigned to be 0.05 mm, 0.1 mm,
0.2 mm, 0.5 mm and 1mm, respectively. The thickness of insulations between two

layers is fixed as 0.1 mm. All windings are fully filling the window area.

Comparisons between the calculated and simulated results show that the evaluation
formula for the winding loss of circular conductor is accurate. The winding loss at
high frequency can be reduced by interleaving the primary and secondary windings.
If the frequency is extremely high, the AC resistance of thick conductor will be
dominated by the high frequency eddy current loss, where the skin depth is comparable

to the conductor thickness.

The comparison of simulated current density distribution and calculated results based
on (5.12) within one primary conductor for the case with ¢t =0.5 mm and frequency
of 100 kHz is presented in Fig. 5.9. The results show that the preceding assumption of

current distribution is valid.
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(b) Calculated and simulated results for interleaved winding configuration

Comparisons of calculated and simulated AC winding resistance: (a) non-interleaved

winding configuration; (b) interleaved winding configuration

104



CHAPTER 5. ANALYSIS AND MODELLING OF PLANAR TRANSFORMERS

180

Calculated
160 +

e FEA simulated

140

120

100

Current density (A/m)

80

60 L L ! ! 1 L ! ! ! 1 L L L L 1 L L L L 1
8 10 12 14 16

Radius (mm)

Fig. 5.9 Comparisons of simulated and calculated current density distribution within one circular

conductor

It is also illustrated that the optimum thickness of the circular conductor can be found
for the determined frequency. From Fig. 5.8(a), the AC winding resistance of 0.2 mm
is the smallest value among all conductors with the listed five thicknesses at 100 kHz.
However, the smallest value is achieved with the thickness of 0.5 mm for 100 kHz in
the interleaving winding configuration, as shown in Fig. 5.8(b). It seems that the
optimized thickness of the circular conductor varies with different winding
configurations related to the number of layers in one interleaving portion, represented

as Npp.

For the fully interleaved winding configuration which is commonly applied in practice

to eliminate the proximity effect, the formula of (5.13) becomes

2T Pwhp Asinh(2A)+sin(2A)
“n(Roj cosh(2A)—cos(2A)

i

Racp =

(5.16)

Invoking the series expansions of the trigonometric and hyperbolic functions with

terms up to the order of AT (the series expansions are improved for accuracy

requirements by MATLAB data fitting tool)
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sinh(24)+sin(24) 1 0020050 00147, (5.17)
cosh(2A)—cos(2A) A

which is accurate enough for A<2.5 . Thus, the optimum thickness of full

interleaving circular conductor is given by
Aopt =1.527. (5.18)

For the non-interleaved or partial interleaved winding configurations, the following

approximation would be applied and it is accurate enough for A<1.5,

sinh(A)—sin(A) ~1A%_0.0058A7. (5.19)
cosh(A)+cos(A) 6

Consequently, we can obtain an approximation for (5.14) and the optimum value of

A can be solved and the result 1s

;(ngp—1)+0.222—\/;(n§p—1)2+0.04(n§p—1)+0.021284

Aopt = 0.054(n2, —1)+0.014

(5.20)

According to (5.20), the optimum copper thicknesses for 100 kHz with interleaved
and non-interleaved winding configurations of 2 layers of circular conductors will be
0.32 mm and 0.20 mm, respectively. The FEA simulations with a series of copper
thicknesses has been carried out and the AC winding losses of non-interleaved and
interleaved structures are shown in Fig. 5.10. The results demonstrated the validity of

proposed calculation method at 100 kHz.

Similar to the strip conductor, the width of a particular circular conductor is normally
shorter than the window width of the planar core. The porosity factors can be
employed in the transformation process. However, the definition will be different from

(5.8). In order to maintain the same DC resistance, the porosity factor is given by
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Fig. 5.10 FEA simulated AC conductor resistance of primary winding with interleaved and non-

interleaved winding configurations at 100 kHz
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Fig. 5.11 Simulated and calculated results of Rac / Rqc for circular conductors

ln(RWO J
n= Rwi
ol )
R;

where R, and R, are the outer and inner radius of the shorter circular conductor,

(5.21)

respectively, R, and R; are the outer and inner radius of the core window,
respectively, as shown in Fig. 5.7. For the case of several turns of circular conductor
placed in one layer, the porosity factor will be calculated to make sure the DC
resistance remains the same for the transformation. The conductivity of the equivalent

circular conductor is calculated by (5.9).

FEA simulations have been carried out to verify the accuracy of the equivalent
transformation for circular conductors. The thickness of conductors is fixed as 0.2 mm
and the simulated frequencies of excitations are 100 kHz and 1 MHz. The selected
planar core is EER 41/7.6/32 and the window width is 9 mm. The number of layers in
the primary and secondary windings are both 2. The primary winding and secondary
winding are non-interleaved. The insulation thickness between two layers is 0.1 mm.

The number of turns in each layer is 1 and the windings are placed in the middle of
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the core window. The simulated winding width (equals Ry, — Rwi) are assigned to
vary from 4.5 mm to 9 mm with the interval value of 0.5 mm. The simulated and
calculated results of the ratio for the AC resistance R,. to the DC resistance Ry, are

presented in Fig. 5.11.

The results shows that the equivalent transformation based on the porosity factor at
100 kHz works well. However, the calculation results for 1 MHz at low porosity factor
would lead an error up to 25%. It is caused by the edge effect of the conductor as the
pure 1-D assumption is not sufficient. If the porosity factor is higher than 0.75, the
equivalent transformation method can be applied to obtain the accurate result for the

full range of frequencies.

5.2.3 Winding Losswith Phase Shifted Excitations

In some circuits, the currents through the primary winding and secondary winding
have an inherent phase shift angle, such as the transformer in the LLC resonant
converter and the coupled inductor in multi-phase converters. Actually, the phase shift
of excitation currents will significantly affect the high frequency winding loss of
magnetic components. Taking the full-interleaving winding configuration in the
transformer as an example, the magnetic field will be totally different for phase-shifts
of 0 and 7 between the primary and secondary currents. In the gapped transformer in
a LLC resonant converter, the phase shift angle between the primary winding and the
secondary winding will changes dynamically with load conditions based on the
analysis in Chapter 2. In an attempt to achieve accurate analysis of the transformer
power loss, it is paramount to consider the high frequency winding loss with phase
shift. In [10], the resistance matrix was introduced to obtain the winding loss
calculations. However, complex boundary magnetic field calculations are involved
and the method has not been verified for the winding loss with phase-shifted excitation
currents. The simple and easily computable evaluation methodology for the high
frequency winding loss with phase-shifted currents has been proposed in [202]. The

formula to calculate the total winding loss is given by

Pcu,0 = Ig_rmst + ISQ_rmsRs + 2[p_rms[s_rms}%ps COS Hps ) (522)
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Fig. 5.12 Simulated and calculated results of P,./ Py for different phase shift angles between

primary and secondary currents

where [, ms and I rms are the rms values of the primary and secondary currents,
respectively. R, , R, and R,s are the self resistance of the primary winding, self
resistance of the secondary winding and the mutual resistance of the primary and
secondary windings, respectively. 0, is the phase shift angle between the primary
and secondary currents. Assuming the winding losses with the phase shift angels of 0

and 7 are P.y 0 and Pey -, respectively, (5.22) can be rewritten as

Pcu,O+Pcu,7r + Pcu,O _Pcu,ﬂ

Pcu =
,0 9

05 0ps. (5.23)

In practice, Pey,0 and Fe, , are easily obtained and thus the winding loss with the

phase angle of 0,5 will be obtained.

FEA simulations for the different phase shifts between the primary and secondary
currents have been completed for the planar transformer applied in the 240 W LLC
resonant converter, which will be introduced in Chapter 6, shown in Fig. 6.5. The

results are shown in Fig. 5.12 and the calculation formula (5.23) is validated.
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For the transformer with fully interleaved winding configurations, all transformer
windings can be treated as one portion if the phase shift between the primary and
secondary windings is 0. The high frequency proximity effect will distinctly increase
the winding loss. On the other hand, the proximity effect on the winding loss will be
eliminated if the primary and secondary currents have a phase shift angle of = .
Combing the winding loss calculated by (5.23) with the phase shift angle of 0, and
the winding losses for non-interleaved and full interleaved structure, the thickness of

the circular conductors can be optimized.

For instance, supposing the currents in the primary and secondary windings are
identical, the total AC winding resistance of the transformer, which has both 7, layers

in the primary and secondary windings with the interleaved arrangement, can be

calculated by
4T pwny
Rewp = ———~ Fro (5.24)
R,
tln( j
R;
with
inh (2A in(2A 2_1 sinh(A)-sin(A
Fro = a| SIMRA)TSINA) o) g ynp= L sinh(8)=sin(8) | oo

cosh(2A)—cos(24A) cosh(A)+cos(A)

5.3 Stray Capacitances of Planar Transfor mer

Stray capacitances in planar transformer is a concern because the overlap area of
planar windings are normally bigger than that in the conventional wire wound
transformer. Basically the parallel plate modelling method presented in Chapter 4 to

calculate the stray capacitance can be applied properly for the planar transformer.

Consider the planar transformer shown in Fig. 5.13 and layout/construction in Fig.
5.14. The primary winding of the planar transformer is made by PCB board which has
the thickness of 0.2 mm and the copper track on each side is 0.07 mm. The copper
layers on the top and bottom sides of the PCB board are in parallel and the electric

field inside the PCB board can be ignored, thus the total primary PCB board can be

111



CHAPTER 5. ANALYSIS AND MODELLING OF PLANAR TRANSFORMERS

Secondaryl

ER41 core

Primary

ER41 core T

Secondary2

Fig. 5.13 Planar transformer for the capacitance calculation

treated equivalently as the copper track with the thickness of 0.34 mm. The insulation
of the PCB is 0.01 mm. The two secondary windings are copper foil and the thickness
is 0.4 mm. Two layers of kapton tape are attached to both sides of the foil with 0.05
mm insulation achieved. The air gap between two kapton tape layers is assumed to be

0.05 mm.

The detailed cross section of the planar transformer windings is shown in Fig. 5.14.
Each winding has four copper layers and they are labelled as presented in the figure.
As only part of the primary PCB winding is exactly on top of the secondary winding,
the effective copper foil is assumed to be placed overlapping the secondary conductor.
The part of the primary winding which is away from the secondary winding can be

assumed as the separate part sitting on the left-top corner.

Three basic kinds of adjacent capacitors will be evaluated including Cps (primary
layer and adjacent secondary layer), Css (two adjacent secondary layers) and C,p

(two adjacent primary layers). The insulation material and the detailed dimension are

shown in Fig. 5.14(b) and Fig. 5.14(c). The list of symbols, their meanings and values
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(b) Layers of different materials between windings
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Fig. 5.14 Detailed cross section and insulation layers of planar transformer

are listed in Table 5.2. The relative dielectric constant of the PCB material and kapton

tape are both 3.8.

According to Fig. 5.14(b), the adjacent capacitance between the primary layer and the

secondary layer which is expressed as (s can be treated as three capacitances in

series. If the effective relative dielectric constant €, is applied, then

1 _ dps — dp + dair + dS )
Cps 505psApri 505rApri 50Apri 505rApri

Following the similar principle, we have

]_ dss ds dair dS
= = + +

- s
Css 5055514360 505rAsec 50Asec gOgrAsec

’r ’ ’ ’
C’pp 505ppApri 505rApri 8014pri 505rApri

The calculated results are given by

Cps =43.35 pF, €ps=1.792,
Css=56.63 pF, e =2.111,
Cop=0.62 pF, ¢, =1.013.

(5.26)

(5.27)

(5.28)

(5.29)

Simulation models are built and the values obtained of C)s, Css and Cp, are 43.17

pF, 53.14 pF and 0.61 pF, respectively. The calculated and simulated results are

corresponding very well.
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TABLE 5.2 SYMBOLS APPLIED IN THE CAPACITANCE CALCULATIONS
Symbols Meaning Value
Ry inner radius of the primary effective copper foil P, 11.78 mm
Ry outer radius of the primary effective copper foil P, 15.22 mm
Ry inner radius of the primary effective copper foil P, 9.8 mm
Ry outer radius of the primary effective copper foil P 11 mm
Ry inner radius of the secondary copper foil 11 mm
Ry, outer radius of the secondary copper foil 16 mm
Apri Area of the primary effective copper foil P, 273.12 mm?
Api Area of the primary effective copper foil P, 78.54 mm?
Asec Area of the secondary copper foil 424.12 mm?
dair thickness of the air between primary and secondary layer 0.04 mm
diir thickness of the air between primary and primary layer 1.12 mm
dp thickness of the primary PCB insulation 0.01 mm
ds thickness of the secondary kapton tape insulation 0.05 mm
dpp distance between the adjacent primary windings 1.14 mm
dps distance between the primary and secondary windings 0.1 mm
dss distance between the adjacent secondary windings 0.14 mm
Dy, distance between the distant secondary windings 0.54 mm
Er relative dielectric constant of the kapton tape and PCB 3.8

As the two secondary windings is centre-tapped connected, the stray capacitance of

terminal Pa and Sa is calculated by

Cpasa =7Cps =305.31 pF. (5.30)
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Fig. 5.15 Assembly of the planar transformer with magnetic shunt

The capacitance of Cpasa Was measured by the impedance analyser of Agilent 4395

A with Agilent 4319A and 16092A. The measurement result is 332.79 pF which means

the calculated result is close enough.

54 Leakagelnductance of Planar Transformer with
M agnetic Shunt

The accurate prediction of leakage inductance in transformers is critical for power
switching circuits, especially resonant converters because the resonant frequency
should be well-matched and it will significantly affect the circuit operation and
performance. Conventional wire wound transformer and the discrete inductor are
normally implemented in the LLC resonant converter which will increase the overall
volume of the converter. Aiming to minimize the size of magnetic components, many
efforts have been carried out for LLC resonant converters including planar magnetics
and integrated magnetics. High-efficiency low-profile transformer structures are
described in [185], [186], [203] and [204]. In order to integrate the resonant inductor
within the planar transformer, the leakage inductance should be achieved as large as
the required value. The material with lower permeability is commonly inserted into
the winding area to provide the shunt path for magnetic flux and it will increase the
leakage inductance dramatically. Fig. 5.15 shows the implementation of the planar

transformer with the magnetic shunt. For the purpose of modelling the leakage
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Fig. 5.16 Cross section of planar transformer with magnetic shunt and simplified analytical scheme

of MMF distribution

inductance of the planar transformer involving the magnetic shunt, the calculation

methodologies based on both the MMF and the reluctance model will be presented.

Fig. 5.16 illustrates the cross section of a typical planar transformer with the magnetic
shunt placed in the middle across the window and core. The non-interleaved winding
configuration is preferred for increasing the leakage inductance. In this figure, the
simplified analytical scheme of MMF distribution along the window layers of the
planar transformer are presented. The number of layers in the primary and secondary

windings are n, and ns, respectively.
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Fig. 5.17 Schematic diagram for the number of turns in each layer
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Fig. 5.18 MMF distribution in vicinity of the n layer

In the planar transformer with the windings implemented by PCB or copper foil, the
numbers of turns in each layer of the primary and secondary winding are supposed to
be nip, and nis, respectively and the corresponding currents are represented as [,
and I, respectively, as shown in Fig. 5.17. Consequently, the total MMF in each layer

of the primary and secondary windings is given by
fo=niply, fo=nisls. (5.31)

The leakage inductance can be derived from the magnetic field energy with the total
MMF of the primary and secondary sides cancelling. The magnetic field energy stored
in the primary side ( £y ), the secondary side ( Escc ) and the magnetic shunt ( Espunt )

must be analysed and calculated.
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E,:; can be obtained based on the analysis of the magnetic field intensity in the
primary side and the used symbols appear in Fig. 5.16. Fig. 5.18 presents the MMF
curve in vicinity of the n™ layer in the primary winding (n=12,...,n,). The

magnetic field intensity H at the geometric position z is given by

-1
(n )fp+ fp [a:—(n—l)(tp+tAp)]
bw tpbw
H(x) = when (n—1)(t, +tap)< xs(n—l)(tp+tAp)+tp. (5.32)
2o
bw
when (n—1)(tp +tap)+tp <z <n(tp+tap)
The stored energy E,:i can be calculated as
)(tp+tap)+ "5 ptpttap)
Epri =2- —,uow by 2j t:m "H (x)dx+2j +t oy, T @) |,
(5.33)

where w, is the depth of the magnetic core or the shunt. Combing (5.32) and (5.33),

it can be obtained

1 We . .
Eysi = o b—an [2tpn +tap@ng =305 +ny) |17 (5.34)

Similarly, the energy stored in the secondary side F. is

1 We
Esec ==
6" by

nis [Qtsné” +tas(2nd —3n2 +ns)]13. (5.35)

The MMF in the magnetic shunt is supposed to be n,f, and then,

H = 72"—5 (5.36)

The energy stored in the total magnetic shunt is

tS C
Eshunt = Uols 210 Lp p-[g, (537)

w
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where ps relative is the permeability of the magnetic shunt. Finally, the total leakage

inductance based on the MMF analysis is calculated by

Lo = M{ 3 {27% (ti+tai)—3ta; + fai } + 6,ustsh} (5.38)
3bw i=pus n;
An alternative method to calculate the leakage inductance is based on the reluctance
model of the planar transformer as the main magnetic flux path is changed with the
shunt inserted as shown in Fig. 5.19. The MMF in the magnetic shunt may not be
assumed as n,f, under some conditions. Generally, the permeability of the magnetic
shunt is substantially higher than the air, the leakage, magnetic field energy stored in
the shunt will dominate the total energy. The reluctance model of leakage inductance
calculation in the planar transformer incorporating magnetic shunt with the reluctance
of winding ignored (since they are small) is shown in Fig. 5.20. The reluctances of the
planar core R.; and R.», the reluctances of the shunt Rs; and Rs» can be calculated

respectively as follows,

1 c
Rcl +§RC2 :ﬁa
t frofe e ) (5.39)
Rog=—"  Ro=—Y
20 psbqwe foptstshwe

where ., ps are the relative permeability of the core and shunt respectively, A is

the effective cross sectional area of the core, /. is the effective length of the EE core

set and other parameters are labelled in Fig. 5.19.

Based on the reluctance model, the magnetic flux in the shunt inside the core window

is

bo = 1 "o o , (5.40)
Rcl +§R02 +Rsl +Rs2

If ar is defined as

ar = fis2 , (5.41)

Rcl +;R02 +Rsl +Rs2
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Fig. 5.19 Reluctances distributed in the integrated planar transformer
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Fig. 5.20 Reluctance model of the integrated planar transformer

the magnetic field intensity of the shunt inside the core window is given by

Hqy =bLaRnpfp. (5.42)

The H field of the shunt placed in the core leg is calculated as

Rsl
tShRSZ

Hg. = arNpfp. (5.43)
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The magnetic field intensity in the planar core is

Rcl +1Rc2

Heore =ﬁampﬁ,. (5.44)

Consequently, the energies stored in the shunt and the planar core can be calculated as

tnwe  2bqwc R
Eshuntz,UO,Us ik + v D) 1 a}%n%pngfg, (545)
bW tshRSZ
2
Ecore =M0Mri2(Rc1+ch2j arnipnals. (5.46)
8lcR52 2

According to the MMF balance in the primary and secondary windings, we have
npniplp =nsnists. (5.47)

Combing all these results, the total leakage inductance referred to the primary of the

planar transformer with magnetic shunt can be expressed by

Z [27” (ti +tAi)_3tAi + Lai } +

i=p,s n;

1 w
Ly, = g,uonﬁpng —J6usar (tsh +

bw
- ra Rc +_Rc
4 K wclcRs22 ( 1 2 2]

2
2babw Ity ]+ (5.48)

tShRSQZ

These two modelling methodologies for the leakage inductance of the integrated
planar transformer will be compared and evaluated by the simulation and experimental

results as described in the following sentences.

The 2-D FEA simulations for the planar core ELP 43/10/28 with shunts of different
permeability and thicknesses have been performed. Table 5.3 lists out the detailed
specifications of the planar PCB windings. The simulation results of the magnetic field
intensity in the core window and the shunt is shown in Fig. 5.21. It is illustrated that
the H field in the shunt is much higher than elsewhere, which means the leakage

magnetic field energy is mainly stored in the shunt.
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TABLE 5.3 SPECIFICATIONS OF THE PLANAR TRANSFORMER WITH SHUNT
Symbol Meaning Value
Core material N87

Np Layers of primary winding 4

Nip Number of turns per primary layer 1

tp Thickness of each primary layer 0.15 mm
Lap Separation of primary layers 0.4 mm
N Layers of secondary winding 4

NLs Number of turns per secondary layer 1

ts Thickness of each secondary layer 0.15 mm
tas Separation of secondary layers 0.4 mm

H field
™ High

I Low

Fig. 5.21 Simulated magnetic intensity in the planar transformer with p, = 10, £, = =0.4 mm

In an attempt to verify the proposed modelling methodologies of the leakage
inductance and compare the two calculation methods, a series magnetic shunts are
applied with different relative permeability: (1) ps =10; (2) s =405 (3) ps =100;
(4) pns=150;(5) ps =200. The thicknesses of the magnetic shunt vary from 0.1 mm
to 2 mm. The calculated results based on the two proposed modelling methods are
compared with FEA simulation results, as shown in Fig. 5.22. It is evident that the
calculation method of the leakage inductance deduced by the reluctance model is more
accurate.
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35 T T T T T T T T T
Reluctance FEA A
0l MMF Model Model Simulation _ -~
—— =10 — =10 s =10 _
—— =40 —— p=40 o =40 P
251 —— =100 — pe=100 o ;=100
—— u=150  — =150 o p=150
20F —— us=200 115=200 * =200

Leakage inductance ( pH)

0.1 0.2 0.4 0.6 0.8 1 1.2 1.4 1.6 1.8 2

Thickness of the magnetic shunt ( mm )

Fig. 5.22 Comparisons of the calculated and simulated results for the leakage inductance in the

integrated planar transformer

Core Top view PCBI1 Top view PCB2 Top view
Core Bottom view PCB1 Bottom view PCB2 Bottom view

Fig. 5.23 PCB windings and planar core applied in the experimental test

Further experimental verification was carried out. Two kinds of PCB windings with
different dimensions and patterns were fabricated to implement in the planar core ELP
43/10/28. Fig. 5.23 shows the PCB windings and planar core. The insulation
thicknesses in PCB1 and PCB2 are 0.4 mm and 0.15 mm while the number of turns

are 4 and 2, respectively. Three integrated planar transformer was built and their
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TABLE 5.4 SPECIFICATIONS OF TESTED PLANAR TRANSFORMERS
Parameters Transl Trans2 Trans3
Primary PCB1 PCB2 PCB2
Secondary PCBI1 PCB1 PCB2
Np 4 2 2
nLp 1 1 1
tp 0.15 mm 0.15 mm 0.15 mm
tap 0.4 mm 1.5 mm 1.5 mm
N 4 4 2
NLs 1 1 1
ts 0.15 mm 0.15 mm 0.15 mm
tas 0.4 mm 0.4 mm 1.5 mm

specifications are listed in Table 5.4. The thicknesses of magnetic shunt in the
experiments are selected as 0.5 mm and 1mm with the relative permeability of 30. The
leakage inductances of these six planar transformers with different magnetic shunts
were measured using an Agilent 4395A impedance analyser with the secondary
winding shorted. Fig. 5.24 shows the assembled planar transformer labelled as Trans.
1 in Table 5.4. The leakage inductances were measured at 100 kHz and the average

value of 16 test results was selected as the final measured inductance.

Fig. 5.25 shows the calculation and experimental results for the three tested
transformers with the thickness of the magnetic shunt 0.5 mm and 1 mm, respectively.
The experimental results confirm that the proposed calculation method based on the
reluctance model for the leakage inductance of the planar transformer with a magnetic

shunt is valid.
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Fig. 5.24  Photo of planar transformer with magnetic shunt (Trans1)

Leakage Inductance (nH) Leakage Inductance (nH)
30001 30007
25001 25001

2265
20004— Experimental Results 2000+— Experimental Results
B Calculation Results B Calculation Results

1500+ 15001

1402
1000+ 10001

663
5001 5007 636
‘A "l
0 T T 0 T T
Trans1 Trans2 Trans3 Trans1 Trans2 Trans3
(a) shunt 0.5 mm (b) shunt 1 mm

Fig. 5.25 Comparisons of the calculated and experimental results of the leakage inductance
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5.5 Conclusions

Analysis and design of the planar transformer involving the planar core, the winding
loss calculation and the stray capacitance have been presented. Basically, the planar
EE and ER cores were investigated and compared in this chapter. For the planar
windings with strip conductors and circular conductors, the high frequency winding
loss calculation and the optimum design approach have been discussed. As the phase
shift between the primary and secondary excitation currents significantly affect the
winding loss, the associated evaluation method was proposed. In the aspect of the stray
capacitance of the planar transformer, the calculation procedure for the specific planar
transformer applied in the LLC resonant converter was presented. Finally, the leakage
inductance of the integrated planar transformer incorporating a low permeability
magnetic shunt was modelled and a calculation formula was proposed. The
comprehensive FEA simulations and experimental results were carried out to validate

the proposed calculations and all results corresponds well.
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6

Gapped Planar Transformer in

LL C Resonant Converters

In Chapter 3, the operation principle and the design methodology for the conventional
gapped transformer in LLC resonant converters were proposed. On the other hand, the
planar transformer has several advantages compared to conventional wire wound
transformer as described in Chapter 5. The attempt to employ the gapped planar

transformer in the LLC resonant converter will be discussed in this chapter.

6.1 Planar Core Sdlection

In the proposed design methodology for the gapped transformer described in Chapter
3, the A, value of the magnetic core was used to select the proper core at first of the
design process. In the design of the gapped planar transformer, the proposed design
procedure will be introduced as the basic operating principle of the gapped transformer

is identical.

In this chapter, we will focus on the gapped planar transformer design for one LLC
resonant converter with the rated output power of 240 W, switching frequency of
around 105 kHz. The input voltage and output voltage of the converter are 400 V and

24 V, respectively. The magnetizing inductance in the resonant tank is required around
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TABLE 6.1 DESIGN SPECIFICATIONS OF THE PLANAR TRANSFORMER
Parameters Symbols Values
Output power P, 240 W
Switching frequency fs 105 kHz
Magnetizing inductance L 420 pH
Turns ratio a 35:4:4
Maximum temperature rise AT 60 °C
Ambient temperature T, 30°C
Rms value of resonant current I s 1.562 A
Peak value of magnetizing current T pk 1.138 A
Rms value of each secondary current I mms 8.099 A

420 pH. The turns ratio of the planar transformer is 35:4:4. The resonant inductance
and the resonant capacitance in the resonant tank are 105 uH and 20 nF, respectively.
The detailed design specifications of the planar transformer are listed in Table 6.1,
which is the same as the design specifications for the gapped conventional transformer
as shown in Table 3.1. The peak value of the magnetizing current and RMS values of
currents through the primary winding and secondary windings are calculated based on

the formulas given in Section 2.1.2.

The ferrite material Ferroxcube 3C92 meets the application and the saturation flux
density is 0.4 T. The parameters for the core loss calculation in the Steinmetz equation

are obtained from the data given by the manufacturer as
K.=0.423, a=1.618, =3.114. (6.1)

Considering the safety and insulation requirements, the initial window utilization
factor is selected as 0.24. For the 3C92, select Bmax = 0.1 T and the value of v is
taken as 1. The value of Bnax is based on an iterative design and it was found that the

value satisfies the constraint of the design while ensures that the maximum
specifications not exceed. These parameters will be checked when the whole design is

completed.

129



CHAPTER 6. GAPPED PLANAR TRANSFORMER IN LLC RESONANT CONVERTERS

TABLE 6.2 DIMENSIONS AND PARAMETERS OF PLANAR EER 41/7.6/32 CORE
Parameters Symbols Values
Cross-sectional area A 2.25 cm?
Magnetic path length le 5.7 cm
Window winding area Wa 0.65 cm?
Area product parameter of the core Ap 1.463 cm*
Volume of the core Ve 12.9 cm?
Mean length of a turn MLT 8.48 cm
Height of the window of an ER core Pieg 3.6 mm
Radius of the centre leg Jr 8 mm

The required A, value of the planar core is calculated by (3.22)

ko(1+ )Ll : rmsIim pk |7
A, = Ut D ol e omslim gk |\ g 304 ot (6.2)
Bmaxkup[(t\/A T

As we discussed in Section 5.1, the planar ER core is preferred to implement the planar
transformer as the DC winding loss will be smaller than the planar ER core.
Consequently, the EER41/7.6/32 planar core is suitable. Dimensions and parameters
of the EER41/7.6/32 planar core are shown in Table 6.2. The thermal resistance of the
core is calculated by (5.1)

7 =2996 _ 15 6 oc/w. (6.3)

JVe

6.2 Gap and Winding Design

Following the design procedure, the optimum permeability for the planar core with

the gap will be obtained by (3.24)

Bmaxlc Irirms — 95' (63)

Hopt =
P Pcu_pkupWa ]Lmipk
PO\ ML T
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The final gap length is selected to be 1 mm for the single gap placed in the centre leg.
The numbers of turns in the primary winding and secondary winding are chosen as 35
and 4, respectively to meet the input/output voltage requirements. The calculated

magnetizing inductance without considering the fringing effect is 333.7 pH.

If the fringing effect due to the air gap is considered, the inductance will be increased

by the factor Fi., and it is calculated by (3.12) with single gap in the centre leg

or = ! —=0.902 (6.4)
1+-9 (1+lnwj
TGy 2g
and
f
FLm:L_m:M:LQw_ (6.5)

Ln O'rQQ,Ur + 1

Thus, the magnetizing inductance is obtained as 406.8 pH which is close to the original

design specification.

From the calculated current density given by (3.27), the required conduction areas of
the primary winding and secondary winding are around 0.3 mm” and 1.5 mm?,
respectively. The detailed design of the primary and secondary winding will be

described next.

6.3 Windings Optimization

In the transformer, 35 turns in the primary winding and 8 turns in the two secondary
windings are required. First of all, the full interleaving of these windings would be
preferred to reduce the high frequency proximity effect and minimize the leakage
inductance of the transformer. In the first step of the winding optimization, we will
apply the method proposed in Chapter 5 and then the FEA simulation tool will be
introduced to further optimize the winding arrangement with the fringing effect

considered.
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Referring the calculations of currents in the LLC resonant converter presented in

Chapter 2, the phase shift angle ¢ between the resonant current and the current

through the secondary winding 1 is given by (B3.5)
———=-0.545. (6.6)

Considering the reference positive direction for the transformer winding, the phase
shift angle between the currents through the primary and the secondary winding is
wps = 211.2°. Consequently, the ratio of AC resistance to DC resistance of the planar

transformer with circular winding and fringing effect ignored can be calculated by

(5.25)

sinh(2A)+sin(2A)
cosh(2A)—cos(24A)

ny —1 sinh(A)—sin(A)

Fro, =A
ke 3 cosh(A)+cos(A)

+2(1+cospps) , (6.7)
where n, is the number of layers and it is given by half of the total winding layers
because it is related to the case with the phase shift angle of the primary and secondary
currents of 0 which means the transformer acts as the inductor. Based on (6.7), the

optimum thickness of the circular conductor is calculated by (5.20) with

Npp :\/(1+cosg0ps)(n§—1)+1. (6.8)

For this case, the optimum value of A is 0.77.

However, we need consider the porosity factor of windings filling in the window area.
As the gap length placed in the centre leg is 1 mm, the winding would be placed away
from the gap about 2.5 mm for initial design assumption to avoid the fringing effect.
The outer edge of windings should also be placed away from the core for proper

insulation. Thus, the porosity factor is calculated by

16 mm
ln(105 j
> MM/ _0.56. (6.9)

- (17 mmj
In
& mm
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The equivalent skin depth is 69, = 0.27 mm. Thus, the initial conductor thickness is

chosen as 0.21 mm.

In an attempt to place more primary conductor in the windings, two layer of primary
windings are attached together. In order to reduce the winding loss in the gapped
planar transformer, FEA simulation was introduced and a series of simulations were
carried out. The thickness of the circular conductor varies from 0.15 mm to 0.25 mm.
The distance of the windings away from the gap is changed from 0.5 mm to 4 mm.
The outer radius of the windings is fixed at 16 mm. The clearance in the primary layer
1s 0.4 mm. The simulation results are given in Fig. 6.1. The minimum winding loss
can be achieved for the conductor thickness of 0.25 mm and it is also the available
maximum value limited by the window height. The predicted optimum thickness is
quite close, notwithstanding the error is due to the complex fringing field caused by

the air gap.

Finally, the thickness of the conductor is determined to be 0.25 mm. Due to the
fabrication implementation and capability, the width of the copper track of the primary
winding is 0. 75 mm and the clearance is 0.375 mm. The inner radius and outer radius

if the secondary pattern are 11.5 mm and 16 mm, respectively.

The implementation for each layer of the primary winding is shown in Fig. 6.2. Both
sides of the primary winding are covered by the kapton tape to ensure the proper
insulation between the primary winding and secondary winding. Each secondary
windings consists of 4 layers of the copper foil and the cutting patterns are shown in

Fig. 6.3. The assembly drawing with interleaving is shown in Fig. 6.4.

For the designed gapped transformer, the core loss based on iGSE calculation method
is P = 0.083 W based on (3.16). Combing the DC resistances of windings and the

rms values of currents through windings, the DC winding loss can be calculated as

Ry 4 =35%(84.8x107%)x0.092x[1+0.00393x(90-20) |=0.347 Q,
R g =4x(84.8x107)x0.015x[1+0.00393x(90-20)]=0.007 Q, (6.10)
Pcu_dc = Rp_dc[rQ_rms +2Rsl_dc1521_rms =1.714 W.
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Fig. 6.1 Simulation results of winding loss in the gapped planar transformer with different

thicknesses and distances away from the gap

Top pattern Bottom pattern

Kapton tape

One primary layer

Fig. 6.2  Fabrication and assembly for the primary winding
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1* layer 2" layer 3" layer 4™ layer

Fig. 6.3  Cutting patterns of the secondary winding

ER41/7.6/32 planar core

=_

Primary winding

Secondary winding

\ER41/7.6/32 planar core

Fig. 6.4 Assembly drawing of the gapped planar transformer
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TABLE 6.3 LOSSES BREAKDOWN OF THE PLANAR TRANSFORMER
Parameters Symbols Values
Maximum power loss P 3592 W
DC winding loss Pey qc 1.714 W
AC winding loss Pey_ac 3382 W
Core loss P, 0.083 W
Total loss Pt 3.465 W

FEA tools was applied to obtain the accurate winding loss of the gapped planar
transformer as the fringing effect involved. The total AC winding loss was simulated
to be 3.382 W. Individual losses are listed in Table 6.3. The maximum allowed power
loss of the planar transformer based on thermal considerations is 3.592 W. The total
loss for the designed gapped planar transformer is 3.465 W. It means the temperature
rise of the transformer will not exceed the permissible range.

At the end of the design, the parameters including the window utilization factor and

the value of ~ should be checked. The total window utilization factor is

~ 35%(1.875x1077)+2x4x(1.125x107°)

u =0.239. 6.11
65x107° (10
The value of v is given by
:M:LQZ (6.12)
Pcuidc

These calculations correspond to the initial assumption values. According to the

design result, the planar transformer was fabricated and the photo shown in Fig. 6.5.

6.4 Experimental Resultsof Gapped Planar Transformer

The designed planar transformer was embedded in the LLC resonant converter
prototype. Fig. 6.6 shows the photo of the test set-up. The typical operating waveforms
with the rated output current of 10 A are presented in Fig. 6.7. The waveforms show

that the LL.C resonant converter is operating as expected.
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Fig. 6.5 Planar transformer fabricated based on the design results

Planar
transformer

Fig. 6.6  Test set-up for the gapped planar transformer in the LLC resonant converter

The temperature was tested at three locations on the surface of the planar transformer:
(1) TF is the centre point of the front surface of the magnetic core; (2) TB is the centre
point of the back surface of the magnetic core; (3) TJ is the joint point between two
EE cores. The ambient temperature was measured on both the left side (AL) and the

right side (AR) of the planar transformer and the distance from the converter is about
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Fig. 6.7 Typical experimental waveforms (CH1: resonant current, 2 A/div; CH2: voltage of the
resonant tank, 500 V/div; CH3: secondary current, 10 A/div; CH4: voltage of the
secondary side, 20 V/div)
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Fig. 6.8 Temperature rise of the gapped planar transformer tested at different places on the core

surface

5 cm. The temperature rise curves at different points are shown in Fig. 6.8. The final

temperature rise of the transformer is 53.7 °C and it meets the specified maximum of

60 °C.
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Fig. 6.9 Efficiencies of the LLC resonant converter incorporating designed planar gapped

transformer and conventional gapped transformer

(a) Top view

(b) Side view

Fig. 6.10 Top view and side view of the designed planar gapped transformer and conventional

transformer
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The efficiency of the LLC resonant converter with a planar transformer under different
currents is shown in Fig. 6.9 and it is compared with the efficiency of the LLC resonant
converter incorporating the conventional gapped transformer designed in Chapter 3. It
is shown that the efficiency with the planar gapped transformer is close to the
conventional transformer. The experimental results show that the design methodology
and the implementation method for the planar transformer works according to the

specifications.

Fig. 6.10 shows the top view and side view of the designed planar gapped transformer
and conventional gapped transformer. The height of the planar transformer is much
lower than the conventional transformer. It is possible to use the low profile planar

transformer in the LLC resonant converter to replace the conventional transformer.

6.5 Conclusions

In this chapter, the gapped planar transformer applied in the LLC resonant converter
was designed based on the presented methodology. The winding configurations was
optimum selected and the gapped planar transformer for the 240 W, 105 kHz LLC
resonant converter has been fabricated. The experimental results for the planar
transformer verified the design process and the assembly method. Comparison with
the conventional transformer shows that successful operation is possible with the low

profile core.
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v

Conclusons and Future Work

7.1 Introduction

The LLC resonant converter is the preferred topology for power supplies because of
the natural superiorities of soft switching within a wide range of the input voltage
variation, the load conditions and the effective utilizations of stray parameters in the
circuit, including the leakage inductance and the magnetizing inductance of the
transformer. The design procedure of the LLC resonant converter, particularly the
transformer was the main target of the thesis. The proper design methodologies for the
LLC resonant converter and the gapped transformer for the purpose of integrating the
magnetizing inductance are significant for the operation performance of the whole
circuit. Meanwhile, the planar transformer was implemented with the power switching
circuit to achieve lower profile and higher power density. The effort to involve the
planar transformer with the LLC resonant converter was pursued and the associated
design considerations were investigated. Basically, all the analysis and design issues

were discussed in this thesis and the chief contributions may be summarised as follows.

7.2 Contributionsto Gapped and Planar Transformers

in LL C Resonant Converters

o The new design methodology for the main parameters in LLC resonant

converters was presented.
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7.3

The design considerations include the power loss, the soft-switching
requirement, the input voltage variation, the input voltage variations and
the light load operation.

The design procedure was shown in Fig. 2.8 and the related equations were

given.

The novel design methodology for the gapped transformer was proposed which

can be applied to both conventional transformers and planar transformers.

>

The design considerations for the gapped transformer applied in the LLC
resonant converter include the magnetizing inductance, the multi windings,
the winding loss, the core loss and the temperature rise.

The design procedure was presented in Fig. 3.3 and the design equations

were given.

The modelling methodology for the planar transformer was proposed.

>

Calculation method for the high frequency winding loss of the planar
transformer was presented.

Optimum selection of the conductor thickness of the planar winding was
proposed.

Modelling of the winding loss with the phase shifted excitations was
shown.

Stray capacitance calculation methodology was carried out.

The calculation method for the leakage inductance in the integrated planar

transformer with the magnetic shunt was proposed.

Future Work

On the progress and the related analysis in this thesis, prospective research on the

optimization of LLC resonant converters and planar magnetics could be continued and

possible future work includes:
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(1) System optimization with the phase shift angle between the primary and secondary
current through the transformer windings. As we found the high frequency AC
winding loss is dramatically influenced by the phase shift angle, which is directly
related to the resonant parameters in the circuit and the load condition, the overall
investigation of the optimization of the LLC resonant converter considering the phase
shift angle and the different load conditions will bring higher performance to the whole

circuit.

(2) Integrated planar transformer with magnetic shunt. Based on the leakage
inductance calculations proposed for the integrated planar transformer with the
magnetic shunt, the resonant inductor in the LLC resonant converter can be replaced
by the leakage inductance and thus the total volume of magnetic components would
be minimized. The loss analysis of the integrated planar transformer with magnetic
shunt would be interesting to show the optimum selection of the magnetic shunt

material and implementation.

(3) GaN switches show the great promise in the LLC resonant converter. The
switching frequency of the resonant converter with GaN devices can be much higher
than the regular Silicon devices and it means the size of the converter can be
significantly reduced. In [208], the role of GaN devices in LLC resonant converters
were introduced in details. The reduced output capacitance of GaN leads to lower
circulating current losses in the resonant tank and results in the possibility of applying
larger magnetizing inductance which means lower fringing loss as the smaller gap can
be used. For the planar transformer applied in the LLC resonant converter with GaN
devices, the switching frequency will be extremely high and some other issues will
come out including the connections of different layers in the planar windings and the

stray leakage inductance due to the terminals of the planar windings.

Another advantage is that GaN devices have little to no reverse recovery charge and
the failure operation of light load conditions can be eliminated. Thus, applying GaN

switching device in high frequency LLC resonant converter has great potential.
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Appendix A
Planar EE and ER Cores

In the planar magnetics, E and ER planar cores are widely applied and the basic shapes
are shown in Fig. A.1. The low profile EQ cores can also be used in planar magnetics.
They can be assembled as a set or with a flat block core. The commercial products
manufactured by Ferroxcube [162] and TDK EPCOS [163] and their dimensions are
listed in Table A.1 and Table A.2, respectively. EER41/7.6/32 was applied to fabricate
the planar gapped transformer for the 240 W LLC resonant converter and EELP43
was applied to carry out the experiments of leakage inductance with the magnetic

shunt.

(a) Planar E core (b) Planar ER core

Fig. A.1 Shapes of planar E core and ER core
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TABLE A.1 PLANAR EE CORES, ER CORES AND EQ CORES MANUFACTURED BY FERROXCUBE
l. A, Volume Height  Window Window A,
Cores

(mm) (mm?) (mm?) (mm)  width (mm) height (mm) (mm?*)
EER9.5/2.5/5 14.2 8.47 120 4.9 2 32 54.21
EER11/2.5/6 14.7 11.9 174 4.9 2.225 3 79.43
EER14.5/3/7 19.0 17.6 333 59 35 3.1 190.96
EER18/3.2/10 22.1 30.2 667 6.3 4.7 32 45421
EER23/3.6/13 26.6 50.2 1340 7.2 6.1 32 979.90
EER32/6/25 38.2 141 5400 12 7.4 5.8 6051.72
"EER41/7.6/32 57.0 225 12900 15.2 9.02 7.2 14612.40
EER51/10/38 73.5 351 25800 20.32 10.9 9.9 37876.41
EER64/13/51 93.0 566 52600 254 14.05 12.5 99403.75
EE14/3.5/5 20.7 14.3 300 7 4 4 228.80
E14/3.5/5
PLT14/5/1.5 16.7 14.5 240 5 4 2 116
EE18/4/10 243 393 960 8 5 4 786
E18/4/10
PLT18/10/2 20.3 39.5 800 6 5 2 395
EE22/6/16 32.5 78.3 2550 114 59 6.4 2956.61
E22/6/16
PLT22/16/2.5 26.1 78.5 2040 8.2 5.9 32 1482.08
EE32/6/20 41.4 130 5380 12.7 9.275 6.36 7668.57
E32/6/20
PLT32/20/3.2 35.1 130 4560 10.16 9.275 3.18 3834.29
EE38/8/25 52.4 194 10200 16.52 11.315 8.9 19536.48
E38/8/25
PLT38/25/3.8 43.7 194 8460 12.07 11.315 445 9768.24
EE43/10/28 61.1 229 13900 19 13.3 10.8 32893.56
E43/10/28
PLT43/28/4.1 50.4 229 11500 13.6 13.3 54 16446.78
EE58/11/38 80.6 308 24600 21 20.95 13 83883.80
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(continued)
Cores I A, Volume Height Window Window A,
width (mm) height (mm)

(mm) (mm?) (mm’)  (mm) (mm®)
E58/11/38 67.7 310 20800 14.6 20.95 6.5 42214.25
PLT28/38/4
EE64/10/50 799 519 40700 20.4 21.8 10.2 115404.84
E64/10/50 69.7 519 35500 1528 218 5.1 57702.42
PLT64/50/5
EEQI13 17.5 19.9 348 5.7 3.1 3.5 215.92
EQI13 15.9 19.8 315 3.95 3.1 1.75 107.42
PLT13/9/1
EEQ20/R 332 59 1960 12.6 4.6 8.2 2225.48
EQ20/R 25.1 59.8 1500 8.6 4.6 4.1 1127.83
PLT20/14/2/S
EQ25/LP 264 89.7 2370 11.2 5.5 6.4 3157.44
PLT25/18/2
EEQ30 46.0 108 4970 16 7.5 10.6 8586
EQ30 36.2 108 3910 10.7 7.5 5.3 4293
PLT30/20/3
EEQ38/8/25 51.9 152 7900 16 9.55 10.6 15386.96
EQ38/8/25 41.7 148 6190 10.7 9.55 5.3 7491.02
PLT38/25/2.7
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TABLE A.2 PLANAR EE CORES, ER CORES AND EQ CORES MANUFACTURED BY TDK EPCOS
Cos A Volme meign “EAN SERY 4 o O
(mm) (mm?) (mm) (mm) oy mmY) )
EER9.5/5 13.6 8.81 120 5 2 32 56.38 164
EER11/5 14.1 12.4 174 5 2.225 3 82.77 134
EER14.5/6 19 17.6 333 5.9 3.55 33 206.18 99
EER18/3/10  22.1 30.2 667 6.3 4.7 3.1 440.01
EER23/5/13  32.6 50.3 1640 10.2 6.1 6.2 1902.35
FROOY 266 503 1335 72 6l 3.1 951.17
EER25/6/15  34.1 70.8 2414 11 6.15 6.2 2699.60
E§52/53//61/515 28.1 70.4 1978 8 6.15 3.1 1342.18
EER32/5/21 383  100.5 3847 10.2 9.25 54 5019.98
EELP14 20.7 14.3 296 7 4 4 228.80 105
EILP14 16.7 14.5 242 5 4 2 116 116
EELP18 24.3 393 955 8 5 4 786.00 56
EILP18 20.3 39.5 802 6 5 2 395 61
EELP22 32.5 78.3 2540 11.4 5.9 6.4 2956.61 35
EILP22 26.1 78.5 2050 8.2 59 32 1482.08 38
EELP32 41.4 130 5390 12.7 9.525 6.4 7924.80 24
EILP32 35.1 130 4560 9.5 9.525 32 3962.4 26
EELP38 52.4 194 10200 16.5 11.6 8.9 20028.56 18
EILP38 43.6 194 8440 12.05 11.6 4.45 10014.28 20

"EELP43 61.6 225 13748 19 13.65 10.8 33169.50 15

EILP43 50.8 225 11430 13.6 13.65 54 16584.75 16
EELP58 80.7 310 25000 21.1 21.5 13 86645.00 11
EILP58 67.7 308 21000 14.6 21.5 6.5 43043 12
EELP64 79.9 519 41500 204 21.7 10.2 114875.46 9
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(continued)
. Window Window Thermal
Cores L A ) Volur?e Height width height i resistance
(mm) (mm? (mm’) (mm) (mm) (mm) (mm (K/W)
EILP58 67.7 308 21000 14.6 21.5 6.5 43043 12
EELP64 79.9 519 41500 20.4 21.7 10.2 114875.46 9
EILP64 69.7 519 36200 15.3 21.7 5.1 57437.73 9.5
EELP102  147.6 538 79410 40.6 36 26.6 511549.92
EILP102 1212 5342 67745 273 36 13.3 255774.96
EEQ13/3 17.5 19.8 347 5.7 1.075 3.5 74.50
EQ13/3 15.9 19.8 315 3.95 1.075 1.75 37.25
113/1
EEQ20/6 332 59.0 1960 12.6 4.6 8.2 222548
EQ20/6
10/2 25.1 59.8 1550 8.6 4.6 4.1 1127.83
EEQ25/6 3295 93.51 3082 11.2 5.5 6.4 3291.55
EQ25/6
D52 264  89.7 2370 7.9 5.5 3.2 1578.72
EEQ30/8 46 108 4970 16 7.5 10.6 8586
EQ30/8
130/3 31.5 108 3400 10.7 7.5 53 4293
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Appendix B
Fundamental Freguency Analysis

of LL C Resonant Converters

The fundamental frequency analysis of LLC resonant converters containing the
transformer with secondary winding centre-tapped and the rectifier with diodes are
summarised in this section. The output voltage characteristic and calculations for
typical currents in the circuit have been sketched out in Chapter 2. As aforementioned,
the switching frequency of the LLC resonant converter will vary according to the load
condition and the input voltage in order to maintain the constant output voltage.
Modelling of LLC resonant converter is complex and lots of effects in previous
researchers’ work focused to derive the accurate model which can be utilized to realise
the control strategy. Among these analysis methodologies, the fundamental frequency
analysis (FFA) is the most referenced and firstly applied to analysis the resonant
converter by Steigerwald in [205]. Fig. B.1 presents the typical topology of the LLC

resonant converter with the uncontrolled rectifier.

Referring to the FFA presented in [43] and [206], the DC voltage gain of LLC resonant

converter will be derived firstly based on following assumptions:

(1) The resonant current in the resonant tank which consists of three components, the
resonant inductor L:, the resonant capacitor C: and the magnetizing inductor Lm is

assumed to be pure sinusoidal to simply the modelling of the circuit.
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Vio Cia==

- O

Fig. B.1 Half-bridge LLC resonant converter with the uncontrolled rectifier

(2) Parasitic parameters of the transformer, for instance, leakage inductances and stray

capacitances, are neglected.

(3) The components are ideal and the efficiency of the circuit is n =100%.
(4) The input voltage Vi, and output voltage V, are constant.

In the analysis, the equivalent resistance R.q is calculated to replace the components
in the secondary side of the transformer including the rectifier, the output filter and
the load. Two main switches in the bridge, S1 and Sz, are complementarily conducting
and the duty-cycle is supposed to be 0.5 with the dead time ignored as it is relatively
small compared with the switching period. The output voltage of the half bridge, viank ,
has a rectangular waveform with two voltages, Vi, and 0. The fundamental
component at the switching frequency is calculated by

Vtankl = 2Vin sin(wst), (B.1)
T

where ws is the angular switching frequency.

Two diodes, D1 and D2, in the rectifier are complementarily forward biased. The

output voltage of the resonant tank, v, , owns a rectangular waveform. The higher and
lower values are a V, and —a V, if the turns ratio of the transformer is a:1:1. The

fundamental component of v, is
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Fig. B.2  Equivalent circuit of the LLC resonant converter based on FFA

o

sin(wst—¢y), (B.2)

m

where ¢, represents the phase shift between vianki and vy .

At switching frequency, the equivalent resistance R.q is the load resistance reflected

to the primary side and the results is given by

8a’
Req =—5-R1, (B.3)
7r

where Ry is the load resistance. The equivalent circuit based on FFA for the LLC

resonant converter is shown in Fig. B.2.

From the equivalent circuit, we have the following relationship between the input

voltage and output voltage of the resonant tank,

Up1 IJ Req || (jwsLm) ‘

| . (B.4)
Vtankl JwsLy + + Req || (jwsLm)‘
Combing (B.1), (B.2), (B.3) and (B.4), we can obtain
2a 'V, 1
aVo _ : (B.5)

Vi L. Wr 2 fws wr) 1 L.
1+ 1-| — +j| —— | = =
Lm wS wr ws Req Cr

where w, is the angular resonant frequency for L: and C: and the expression is
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1
L.C,

(B.6)

Wr =

In order to simplify the result, some factors are introduced including the inductance
ratio (k), the equivalent quality factor (@ ) and normalized switching frequency ( f, ).

The definitions are

b= LLm , (B.7)
2 L,
O=om T, (B-8)
s Ws _fs _ W
fa =§—=w—, n —?—;, (B.9)

where f; and f; are the switching frequency and the resonant frequency for L: and Cr,
respectively. Finally, the DC voltage gain of the LLC resonant converter, which is

represented by M , is given as

Vo _ 1

]

It is indicated that the output voltage of the LLC resonant converter is dependent on

M=

(B.10)

the switching frequency. Once the load or the input voltage varies, the switching
frequency should be adapted to guarantee the unchanged output. For a certain LLC
resonant converter, the parameter £ in (B.10) will be fixed. The voltage gain will be
related to the load and the normalized switching frequency f, . Fig. B.3 shows a group
of curves for the voltage gain with different values of @) (@=0.1,0.3,0.5,0.7, 1 or
2)and £=10.

In the LLC resonant converter, there are two associated resonant frequencies and they

are

L = ! . (B.11)

fr:—a frm
27 L.C, 27 (Le + L ) C,
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M A
1 Q=ol k=10
E Region 2 .
+ L Q=02 ZVS :
Y NQ=03 :
z/%/ Q=05 : 0=1
1 : Q=2
2a B 5
Region 1 E Region 3
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Fig. B.3 DC voltage gain of the LLC resonant converter

Due to the relative magnitude between f; and f; and fim, the whole plotting area in
Fig. B.3 can be divided into three regions, region 1 (f; < frm), region 2 (frm < fs < fr)
and region 3 (f; > f;). In region 1, the resonant tank is capacitive and the resonant
current leads the voltage. Thus, the zero current switching (ZCS) can be achieved for
S1 and Sz. In region 2 and region 3, the input impedance of the resonant tank is
inductive and the resonant current lags the voltage. The ZVS of Si and Sz can be
realised. The ZVS of MOSFETs will take more advantages than the ZCS which leads
to the selection of operation at region 2 or 3 for the LLC resonant converter.
Particularly, the ZCS switching off of the diodes at the secondary side is attained at
region 2, where the switching frequency is lower than the resonant frequency, because
the resonant current will oscillate to the magnetizing current (current through the

magnetizing inductor Lm) before the driving signal for main switches. Consequently,

the operation of LLC resonant converter is normally selected to be in region 2.

[206], [7] and [207] have done the operation analysis and calculations for the LLC

resonant converter under region 2 ( frm < fs < f¢). The following derivation partly
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Fig. B4 Waveforms of the LLC resonant converter

follows [7] and [207].The modes operation and waveforms of the associated currents
and voltages were already presented in Chapter 2. With the rated load, f; is close to
fr . Meanwhile, L, is quite bigger than L. It is reasonable to assume that the
resonant current (¢, ) and magnetizing current (7., ) maintain the same value during
the dead time. The waveforms can be simplified as shown in Fig. B.4. ip; and ip>
represent the currents through D1 and Do, respectively. The voltage of the resonant

capacitor Cr is vcr .

The corresponding equivalent circuits for ¢, ~ ¢, and ¢, ~ ¢3are presented in Fig. B.S.
Based on the calculation of each stage, we can obtain numerical values of currents on

each side of the transformer.

In Stage 1 (¢ ~t,):
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(a) Stage 1: ti~t> (b) Stage 2: tr~t3

Fig. B.5 Equivalent circuits of the LLC resonant converter

The voltage supplied to the resonant tank is Vi, . The voltage of Lm is clamped to a V.

The state equations are

di (1)

Vin =ver(t)+ Ly +aV,

dve(t) (B.12)

-rt =Cfr
ir (1) 1:

The average value of iL, during the whole switching period is 0 and it is positive-

negative symmetrical. We also have

T
ty—t =—
smh=
T
ty —t; =— (B.13)
2
t3 _ t2 — Ts _Tr
Thus,
tLm(t1) =—tLm(t3). (B.14)
With the assumption
tLm(t2) =1tLm (%3). (B.15)

Consequently,
iLm (tl) = _iLm (tZ) = _iLm (t3): Z.r (tl) = 2.Lm (tl)a ir(tZ) = l‘Lm (t2) (B16)

During this stage, the variation of i1, is
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. . Vo T
itm(t2) = iLm (t) = % 5 (B.17)
From (B.16) and (B.17), we can obtain
: : VoT:
() = i (1) = ==
v jin . (B.18)
. . aVolr
e(t2) =tLm(t2) =
(t2) =iLm(t2) L.

The DC components of vc, is half of Vi, and the average value of the AC component

of vcr 18 0. Thus,

ver(t) +vere(t3) _ Vi

. B.19
5 5 (B.19)
Based on (B.12), the variation of vc, during ¢; to ¢3 is
1 ts |
ver(ts) —ver(t) = o Ll ir (t)dt. (B.20)
On the other hand, during ¢, to t3,
. . . . 1.
() =tLm(t) +ip (1) =iLm (t) +—ip1(%), (B.21)
a

where i, 1s the primary current of the ideal transformer which is shown in Fig. B.5.

And the integral of i1m within ¢; to ¢3 is calculated by

[Mitm(@dt =i @dt+ [ im0t
" Lm 4 Lm t Lm

a VoTr Ts - Tr a VoTr (Bzz)
=0+ (t3 — tz) = .
4L 2 AL
The integral of ip; within ¢; to ¢3 is calculated by
ts T

[ Mioi(dt=(ts —0)1, =1, (B.23)

where I, is the load current. Combing (B.20), (B.21), (B.22) and (B.23),
Uer (tS) —Ucr (tl) = TSIO + a VO (TS — Tr)Tr . (B24)

2a Or 8-[/1]’101‘
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Based on (B.19) and (B.24), vc, at time ¢; can be solved by
ver (1) = Vin _ Tl +2 Vo(Ts = T)T: . (B.25)
2 4a Cr 1 6Lm0r
Thus, the differential equation (B.12) can be solved. The results are
1w(t) =1 pksin|w;(t—1t1)+
wsinfwe(t-t)+] , (B.26)
ver(t)=Vin—a Vo —w: Ll prcos[w (t—t1)+¢ |
where
aVoT:\ (Vi T. 7wl aVo(Ts=T:)T¢ i
I px = + ( -aV, + - , (B.27)
4Lm 2 2nL,  2aT; 327w L L, C';
_a VoI,
o= tan"! AL . (B29)

Vin T,  wl,Ts aVe(Ts—T:)T¢
-aV, + -
2 2nL:  2aT: 327 L L:C,

During stage 1, the magnetizing current i1, increases linearly and he expression is

given by

aV,I: aV,
— +

(=== T

(t—t1). (B.29)
In Stage 2 (¢, ~t3):

Following the above-mentioned assumption, ¢; and i, are considered to maintain

the constant value during this stage, thus

a VT
() =i (1) = , B.30
ir () = iLm (1) 1L, (B.30)
1 VQTr
ver(t) = ver(12)+ “4Lm (t—t2). (B.31)

Then v, at time ¢3 can be obtained by
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Ucr(t3) =Vin—aV, _errIr_pk cos[wr (t2 -t ) + gO] + 01 a4‘/['j)Tr (tS _t2)
, b (B.32)
3Vin T ]oTer a Vo (Ts - Tr)Tr
= —2aV,+ —+ .
aTly 16LnC:
Introducing (B.25) and (B.32) to (B.19), we can get
aVo(Ts—T:)T:

Vin =2a Vo + . (B33)

8LmC:

Using (B.33), all results can be simplified. If we set ¢; to be the initial time of the
calculation, i.e. ¢, =0, the calculation results of 4;, itm, vcr, ¢p1 and ip> during

half of the switching period are listed as follows.

(1) Resonant current through L (4, )

I pxsin[wit +¢] 0<t<%
i ()= , (B.34)
a V()Tr TI' TS
LIPS
4Lm
where
aVoT: Y (7T, a’R T}
I ok = T | 4| 8 p=—tan oL (B.35)
B 4L 2a T 27 LTy
(2) Magnetizing current through Lm (ipm )
_a412)Tr+aLV0t 0<t<%
Lm (1) = . " . B.36
i ®= v T. T (B-36)
<=
4L 2
(3) Voltage of resonant capacitor Cr (vcr )
T,
ver(t) = , B.37
r) 7l Le 1 aVTe . T, rn ro B
Vin—aV,+ —+ (t——) —<i<—
a Ty C. 4Ly 2 2 2

(4) Current through D1 (iip;)
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2 2

al; pesinfw t+p]+ 4‘2°Tr —aLVO t 0<t<lr
in1(t) = " " , (B.38)

0 £< <=

2
(5) Current through D2 (ip2)
. T

1p2(t)=0 0<t< > (B.39)
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Appendix C
Design Equations for Gapped

Transformers

The magnetizing inductance is given by

_ ,UOHefprQAc

L,
le

(C.1)

Following the operation principle of the gapped transformer in the LLC resonant

converter, the maximum magnetic field in the core is

_ Np[Lm,pk

Hoax = l (C.2)
The maximum flux density in the core will be
Bmax = ,UO,Uefmeax = ,U’O,ueff]jp]mek . (C3)
The peak value of the magnetizing current is
Bmaxlc
Iim pp =——m. (C4)
,UO,uefpr
Combing (C.1) and (C.4), gives
2
le]ﬁm_pk =1M (C.5)
2 Lolbetf

On the other hand, the DC winding loss of the primary winding is given by
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Pcu_p =Pw jle [r2_rm57 (C6)
wp

where p, is the conductivity of the copper, lw, and A,, are the length and

conduction area of the primary winding, respectively. The length of the winding can

be expressed by
lwp =N, MLT, (C.7)

where MLT is the mean length of one turn. Based on (C.6) and (C.7), the rms value

of the resonant current is

It tms = M (Cg)
B pwN, MLT
Combing (C.1) and (C.8), yields
leIr2 rms — l /’LO/’I’CfprPCu_pACAWp . (C9)
2 - 2 pwleMLT
Based on (C.5) and (C.9), the ratio of I; rms to Irm pk 18
Irirms _ Holleft NchuipAwp ' (C.10)
ILm_pk Bmaxlc prL T
Thus, the relative permeability is
Bmaxlc Il‘ rms
Hopt = = . (Cll)
NchuipAwp ILm_pk
ROl puMLT
Invoking the definitions of the window utilization factor,
NpAwp =kupWa. (C.12)
Thus,
Bmaxlc ]I‘ rms
Hopt = = . (C13)
Peu pkupWa Tim p
ROl ) MLT

The maximum dissipation of the transformer, Pp, is related to the temperature rise

and the thermal resistance as given by
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AT = RyPp. (C.14)

The thermal resistance of the magnetic core will be obtained by the data curves
supplied by the manufacturer or the empirical data. The approximate calculation

method for the thermal resistance of the core with the volume V; is given by

Ry = 200 (C.15)

N

The total power loss will be dissipated through the surface of the transformer. Based

on Newton’s equation of convection, we have

Pp=heAAT, (C.16)

where h. is the coefficient of heat transfer and A; is the surface area of the core. The

typical value of h. without the air force cooling condition is around 10 W/m?°C.

For the current density in the windings, the expression is given by

[r rms
Jo=—. C.17
0 Ao (C.17)

Thus, the dc copper loss of the primary winding is

N MLT (JoAwy)’
Pcu_p :pwlw_pjf_rms =Puw 2 ( . P)
Awp Awp
= pwMLT(NpAwy)J§ = pwMLT WakupJ§ (C.18)
= pwvwkup!]ga

where V', is the volume of the winding for the magnetic core.

Similarly, for each secondary winding, the dc winding loss is

lwsl

NaMLT(JoAws1)
Pcu751 =Pw A—Izlirms = Puw 1 ( : l)

wsl Awsl

=pwMLT (NgAws1)Jb = puML T WakysJd (C.19)
= pwvwkuslr]g-

Thus, the total dc winding loss of the transformer is expressed by
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Pou de = Peu p +2Peu 51 = puwVi (Kup +2kus1)J0 = pwVwkaJi.  (C.20)
From (3.19)
Pirato = (1+7) Peu_dc» (C.21)
the flowing equation will be established combing (C.16), (C.20) and (C.21).
(1+7)pwVwkaJ§ =hAAT. (C.22)

Consequently, the current density is

_ hAAT
" A+y)pwkaVy '

(C.23)

The physical quantities A; and V,, in (C.23) may be related to the product of the core
window area and the cross-sectional area, represented as A, value of the core, and it
follows the equations as

1

A =kaA, (C.24)

NI

Ve = kvwdp (C.25)

where k.: and kv are the coefficients. Based on the data fit for several core types

and sizes, the values of k, and k. for typical wire wound cores are 40 and 10,

respectively. The equations for the current density can be rewritten as

AT 1
Jo=K s C.26
=K, /ku(lﬂ) T (C.26)

with
K= | Jeka (C.27)
pwkvw
and the typical value is K, =48.2 x 10°.
Combing (C.3) and (C.5), we have
Lm[%m_pk = NpAcBmax[Lm_pk D (CZS)
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and

Nplim pk = Npli ims I[““"k =N,JoAw, Timpe keupWa I[ Lmpk 7,.(C.29)

r_rms r_rms r_rms

Thus taking the definition of A, =W, A,

LmIEmipk = Bmaxkup [ILm_pk JOAp. (C30)

r_rms

Combing (C.26) and (C.30), the A, value of the magnetic core is

u]-+ Lm]r rmS]m 7
4, =| YO+ NIl mslim pie |\ (C.31)

BmaxkupKt\/A T
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Appendix D
Planar Winding L oss of Circular

Conductors

For the circular conductors applied in the planar transformer, the polar coordination
system is introduced to calculate the high frequency winding loss. The cross section
of circular conductor and boundary conditions of the n'"™ primary layer applied in the
following calculations is illustrated in Fig. 5.7. For a segment of drXxt in the
conductor, it is reasonable to assume that the current flowing in the segment has an

inverse relationship with r and the current in the segment is calculated by

L
(%)
rln
R;

For the planar circular winding, the width of the conductor is generally much bigger

I;J(r,t)dz - (D.1)

than the thickness and the H field would be approximately along the r axis. As the
1* layer of primary conductor is closed to the ideal magnetic core, the boundary

condition of H field at the bottom of 1% layer is given by
Hr(T,Zbl)ZO. (D2)
Invoking Amperes’ low for the segment of drxt, we have
r+dr et
Hr(r,ztl)-drzjr jOJ(r,z)dzdr. (D.3)

Thus, the boundary condition at the top of 1% layer is obtained by
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L
rln(Roj
R;

As the magnetic and electric fields contains only r and 6 components, respectively,

H:(r,zu)= (D.4)

the Maxwell’s equations under polar coordinate system in phasor forms are expressed

as
dFE
~ e(r’z):—jWMOHr(raz)a (D.5)
dz
dH, (r,
%zh (r,2)=0Eq(r,2). (D.6)
z

The solution of the magnetic field intensity is given in [115] as

H(r,z)=Aie™ + Aye™, (D.7)
with
A= 1t (D.8)
o

The boundary conditions for the top and bottom sides are presented by

Hr(r,zm)znﬂr(r,zﬂ):n[—p, (D.9)
R,
rln( )
R;
Hy(ry2nn) = (n—1)Hy (ry20) = (n—1)—2 (D.10)

&)
rln
R;

Consequently, the magnetic field intensity in the n'" primary layer is calculated by

I, nsinh[)\(z—zbn)}+(n—1)sinh[)\(zm—z)]

He(rz)= Hn[Ro) sinh (\t)

(D.11)

i

Substitution of (D.11) into (D.6) yields the electric field intensity in the n'™ primary

layer as

166



APPENDIX D. PLANAR WINDING LOSS OF CIRCULAR CONDUCTORS

I, Ancosh[)\(z—zbn)]—(n—l)cosh[)\(ztn—z)]
rln(R"j" sinh (At) '

i

Ey (r,z)z

(D.12)

The AC current density in the n'™ layer is given by

A, ncosh[A(z=zbn)]—(n—1)cosh[A(zu —2)]
rln(R‘)] sinh (At)

Je(r,z): (D13)

Based on the Poynting vector theorem, the complex power of the n'" layer is

2m

Py = |

0

L:o Eo(r,zun)H: (r,zm)rdrde_jo?wj: Eo(ry200 ) Hy (7,200 ) rdrdd
2mIiN

()
oln| —
R;

Combing (D.8) and (D.14), the AC resistance of n'" layer can be obtained by

[Zn (n —1)tanh§+ coth()\t)]

(D.14)

Rueo =202 {sinhmwsin(m)m(n_n sinh(4)-sin(4) |
tln(Ro] cosh(2A)—cos(24) cosh(A)+cos(A)
(D.15)

If the total number of layers in the primary winding is n,, the total AC resistance of

the primary winding is given by

Fri (D.16)

with

B sinh(2A)+sin(2A) 2(nf,—1) sinh(A)-sin(A)
Fri=4 cosh(2A)—cos(2A)+ 3 cosh(A)+cos(A) | (D.17)

which is actually the increasing factor of AC resistance due to eddy current effect as

the same result given by Dowell’s equation shown in [84].
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Appendix E

Publications

Journal Papers

[J.1] J. Zhang, Z. Ouyang, M. C. Duffy, M. A. E. Andersen and W. G. Hurley,
“Leakage Inductance Calculation for Planar Transformers With a Magnetic Shunt,”

IEEE Trans. Ind. Appl., vol. 50, no. 6, pp. 4107-4112, Nov.-Dec. 2014.

Abstract: The magnetic shunt is generally inserted in a planar transformer to increase
the leakage inductance which can be utilized as the series inductor in resonant circuits
such as the LLC resonant converter. This paper presents a calculation methodology
for the leakage inductance of the transformer with a magnetic shunt by means of the
stored magnetic energy in the primary and secondary sides of the transformer using
the magnetomotive force (MMF) variation method, as well as the stored energy in the
shunt based on the reluctance model. The detailed calculation method is described.
Both the FEA simulation and the experimental results have proven the validity of the

proposed calculation method for leakage inductance.

[J.2] Z. Ouyang, J. Zhang and W. G. Hurley, “Calculation of Leakage Inductance for
High Frequency Transformers,” IEEE Trans. Power Electron., PP(99):1. (In press)

Abstract: Frequency dependent leakage inductance is often observed. High
frequency eddy current effects cause a reduction in leakage inductance. The proximity
effect between adjacent layers is responsible for the reduction of leakage inductance.

This paper gives a detailed analysis of high frequency leakage inductance and

168



APPENDIX E. PUBLICATIONS

proposes an accurate prediction methodology. High frequency leakage inductances in
several interleaved winding configurations are also discussed. Interleaved winding
configurations actually give a smaller degree of reduction of leakage induction at high
frequency. Finite Element Analysis (FEA) simulation and measurement validate the

models.

[J.3] C. Feeney, J. Zhang and M. Dufty, “Ac Winding Loss of Phase-Shifted Coupled
Windings”, IEEE Trans. Power Electron., 2015. (In press)

Abstract: In circuits where there is an inherent phase shift angle between coupled
winding currents such as in coupled inductors, it is important to accurately calculate
the ac winding loss at the correct phase shift and frequency. Phase shift between
winding currents can cause the ac winding loss to vary significantly due to changes
in the magnetic field distribution. This paper presents an analysis of winding loss for
the general case of coupled windings with arbitrary phase shifted currents and its
effect in a number of practical devices. A detailed approach to analytically calculate
ac winding loss in microfabricated coupled stripline inductors is presented along with
a derivation of the resistance matrix for the device. The analysis and methodology is

then validated using finite element analysis and experimental results.

[J.4] W. G. Hurley, M. C. Duffy, J. Zhang, I. Lope, B. Kunz and W. H. Wdlfle, “A
Unified Approach to the Calculation of Self and Mutual Inductance for Coaxial Coils
in Air”, IEEE Trans. Power Electron., 2015. (In press)

Abstract: This paper extends a previous formula for the mutual inductance between
single turn coils to include all coils in air with rectangular cross-sections, without any
restrictions on the dimensions (including overlapping coils). The formula is compared
with a wide spectrum of examples from the literature and agreement is excellent in
every case. Experimental results are presented to validate the formula for both
solenoid and disk coils. The formula is relevant to coreless transformers, inductive

coupling, wireless power transfer and leakage inductance in resonant converters.
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Conference Papers

[C.1]J. Zhang, W. G. Hurley, W. H. Wolfle and M. C. Duffy, “Optimized design of
LLC resonant converters incorporating planar magnetics,” in Proc. IEEE Appl. Power

Electron. Conf. Expo. (APEC), 2013, pp. 1683-1688.

Abstract: The LLC resonant converter is widely applied as front-end dc-dc conversion
for distributed power system and intermediate conversion for renewable energy
power generation systems. A continuous miniaturization of LLC resonant converter
incorporating planar magnetics is leading to higher performance, higher efficiency
and decreasing costs. This paper outlines an improved design methodology for LLC
resonant converters based on judicious choice of the circuit components including the
resonant inductor, the transformer magnetizing inductor and the resonant capacitor as
well as the dead time. Planar magnetics are playing a significant role in the low profile
DC/DC converter applications. With the planar transformer employed, the parameters
can be controlled precisely which is of great importance to the operating performance
of the converter. Several structures of the planar transformer applied in LLC resonant
converter are investigated. Finally, the comparison of the proposed structures basis

on the ac resistance and the winding losses are presented

[C.2] J. Zhang, Z. Ouyang, M. C. Duffy, M. A. E. Andersen and W. G. Hurley,
“Leakage inductance calculation for planar transformers with a magnetic shunt,” in

Proc. IEEE Energy Convers. Congr. Expo. (ECCE), 2013, pp. 643-648.

Abstract: The magnetic shunt is generally inserted in a planar transformer to increase
the leakage inductance which can be utilized as the series inductor in resonant circuits
such as the LLC resonant converter. This paper presents a calculation methodology
for the leakage inductance of the transformer with a magnetic shunt by means of the
stored magnetic energy in the primary and secondary sides of the transformer using
the magnetomotive force (MMF) variation method, as well as the stored energy in the
shunt based on the reluctance model. The detailed calculation method is described.
Both the FEA simulation and the experimental results have proven the validity of the

proposed calculation method for leakage inductance.
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[C.3] J. Zhang, W. G. Hurley and W. H. Wolfle, “Gapped transformer design
methodology and implementation for LLC resonant converters,” in Proc. IEEE Appl.

Power Electron. Conf. Expo. (APEC), 2014, pp. 726-731.

Abstract: In the LLC resonant converter, the air gap is generally positioned in the core
of the transformer for proper magnetizing inductance. Traditional transformer design
methods assume infinite permeability of the core and no energy stored in the core.
The improved design methodology for the gapped transformer is proposed with the
optimum relative permeability and gap selection to meet the temperature rise and the
magnetizing inductance requirements. The magnetizing current influences the
magnetic flux in the core leading to the core saturation and core loss, while the
resonant current contributes to the winding loss. The transformer design for a 200 W,
90 kHz LLC resonant converter is presented and experimental results validate the

proposed methodology.

[C.4] J. Zhang, W. G. Hurley and W. H. Wolfle, “Design of the planar transformer
in llc resonant converters for micro-grid applications,” in Proc. IEEE Power Electron.

Distributed Generation Systems (PEDG), 2014, pp. 1-7.

Abstract: LLC resonant converters may be applied as an intermediate converter in
low power level micro-grid systems. The field of planar magnetics is continuously
pushing its utilization in resonant converters as higher power densities and lower
profiles are achieved. The design process for the planar transformer is significant due
to the gap being placed on the magnetic core for the proper magnetizing inductance
requirement. The optimum design methodology for the conventional transformer has
been extended to the planar transformer. Design considerations and equations are
presented. The planar transformer for a 240 W, 105 kHz LLC resonant converter was
fabricated. The experiments were carried out and the results verify the design

methodology and the implementation method.
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[C.5] I. Lope, W. G. Hurley and J. Zhang, “Common-mode choke design
considerations applied to domestic induction heating,” in Proc. Int. Universities'

Power Eng. Conf. (UPEC), 2013, pp. 1-5.

Abstract: In this work, a design calculation method for common-mode chokes (CMC)
is presented. With this purpose, a similar method to the employed in a typical inductor
design where the input current characteristics define both the maximum magnetic flux
and the winding losses has been adapted. In order to get a suitable design that provides
a CMC optimization, considerations with regard to both current components, the
common-mode (CM) and the differential-mode (DM) current, have been taken into
account. Therefore, the CM current contributes to the magnetic flux in the core, which
1s associated to the core saturation and core losses, whereas the DM current generates
the copper losses. Finally, a CMC for domestic induction heating appliances is

designed.
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